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METAMATERIAL TRANSMISSION
LINES: RF/MICROWAVE
APPLICATIONS

4.1 INTRODUCTION

This chapter is entirely focused on the RF/microwave applications of the artificial
lines considered in Chapter 3, that is, composite right-/left-handed (CRLH) transmis-
sion lines, and also on the applications of transmission lines with metamaterial load-
ing, that is, transmission lines loaded with electrically small resonators, formerly used
for the implementation of effective media metamaterials.

The applications of CRLH transmission lines aremainly based on the controllability
of the dispersion and characteristic impedance of the lines. Thus, impedance and dis-
persion engineering, which represents a genuinemetamaterial-related design approach,
allow us to implement RF/microwave devices with superior performance (as compared
to devices based on ordinary lines and stubs), or with novel functionalities. Moreover,
since the unit cells of metamaterial transmission lines are electrically small at the fre-
quencies of interest, device dimensions can be made very small as compared to the typ-
ical sizes of ordinary distributed circuits. The implementation of dual-band and
multiband devices, where the characteristic impedance and electrical length of the con-
stitutive artificial lines must be set to certain values at the operating frequencies, is a
clear application (among many others) where impedance and dispersion engineering
apply. On the other hand, as anticipated in the introductory section of Chapter 3,
the functionality of transmission lines with metamaterial loading is mainly based on
particle resonance, rather than on dispersion and impedance engineering. Examples
of applications of transmission lines with metamaterial loading are the multiband
printed dipole and monopole antennas based on the concept of trap antennas, where
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the multiband functionality is achieved by loading the dipole, or the monopole, with
SRRs or with other electrically small resonators.

The RF/microwave applications considered in this chapter are grouped into
two categories: applications of CRLH transmission lines, mainly, although not exclu-
sively, based on impedance and dispersion engineering, and applications of transmis-
sion lines with metamaterial loading. The reported applications of this chapter are
necessarily influenced by the own experience of the author. Thus, most of these appli-
cations have been proposed by the author’s Group, although there are many others
proposed by other active researchers in the field. Nevertheless, it is impossible to
cover all the applications of metamaterial transmission lines reported in the literature
in a single chapter. Hence, many applications not considered here are quoted in the
reference list. The author also recommends several reference books on the topic
[1–6], as complementary and excellent lectures to the present book.

4.2 APPLICATIONS OF CRLH TRANSMISSION LINES

Dispersion and impedance engineering is a design process that consists of tailoring the
dispersion and characteristic impedance of metamaterial transmission lines in order to
achieve certain functionalities, which are normally not achievable by means of con-
ventional lines. Dispersion and impedance engineering can be applied to the design of
enhanced bandwidth components, multiband components, filters and diplexers, leaky
wave antennas (LWAs), couplers, distributed amplifiers and mixers, and sensors,
among others. Let us now study the principles behind these applications or the advan-
tages of using CRLH lines and some illustrative results.

4.2.1 Enhanced Bandwidth Components

Metamaterial transmission lines can be applied to the design of microwave compo-
nents with a broad operation bandwidth as compared to those bandwidths achievable
in devices implemented by means of ordinary transmission lines and stubs. We will
start this subsection by studying the principles behind bandwidth enhancement and by
discussing their fundamental limitations, and then several enhanced bandwidth com-
ponents will be reported as illustrative examples.

4.2.1.1 Principle and Limitations The operative bandwidth of microwave com-
ponents is given by that frequency interval where the required characteristics are sat-
isfied within certain limits. In distributed circuits, bandwidth is limited by the phase
shift experienced by transmission lines and stubs when frequency is varied from the
nominal operating value. In a conventional transmission line of length l, the electrical
length, or phase shift,1 of the line at a certain angular frequency ωo is given by

1 In this discussion, by phase shift we refer to the electrical length of the line, and hence it has the same sign
as the phase constant β. The phase shift is thus positive for ordinary lines, and it is negative/positive in the
left/right handed transmission bands of CRLH metamaterial transmission lines.
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ϕo = βl=
l

vp
ωo ð4:1Þ

where vp is the phase velocity of the line. According to the previous comment, band-
width is intimately related to the derivative of ϕ with frequency, also known as group
delay. From this, it follows that the shorter the line is, the broader the bandwidth
becomes. In other words, bandwidth is inversely proportional to the required phase
of the line, which is dictated by the design. This means that the operative bandwidth
is not an easily controllable parameter in conventional distributed circuits.2 The rea-
son is the limited number of degrees of freedom of conventional transmission lines.
However, in metamaterial transmission lines, the loading elements provide additional
parameters, and certain control over the phase response is possible. Namely, one
expects that the required phase does not dictate the bandwidth. The key question
is: Is it possible to improve the bandwidth (or decrease the group delay) of conven-
tional lines by means of metamaterial transmission lines regardless of the required
phase shift? Let us discuss now this aspect (a detailed analysis is given in Ref. [7]).

Assuming that for a certain transmission line the required phase and characteristic
impedance at the operating frequency are ϕo and Zo (where Zo is considered to be a
real number), expressions (2.30) and (2.33) can be inverted, and the series and shunt
impedances must take the following values at the design frequency (a T-circuit
model—single stage—has been assumed for the artificial transmission line under
consideration):3

Zs = Zo

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
cosϕo−1
cosϕo + 1

s
ð4:2Þ

Zp =
Zoffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi

cos2ϕo−1
p ð4:3Þ

The derivative of the phase shift with frequency is given by

dϕ

dω

����
ωo

=
1

sinϕ
1
χ2p

−χp
dχs
dω

����
ωo

+ χs
dχp
dω

����
ωo

 !
ð4:4Þ

where χs and χp are the reactances of the series and shunt branch of the T-circuit,
respectively (Zs = jχs and Zp = jχp). By introducing (4.2) and (4.3) in (4.4), and after

2Nevertheless, bandwidth in distributed circuits can be enhanced by increasing the number of elements. An
example is the multisection branch line coupler, which can be found in many general textbooks devoted to
microwave engineering.
3 To obtain (4.2) and (4.3), the impedance of the series branch of the T-model (basic cell) has been consid-
ered to be Zs, rather than Zs/2.
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some simple calculation, the derivative of the phase at the operating frequency is
found to be:

dϕ

dω

����
ωo

=
1
Zo

dχs
dω

����
ωo

− cosϕo−1ð Þdχp
dω

����
ωo

 !
ð4:5Þ

The two right-hand side terms in (4.5) are effectively positive since according to
the Foster reactance theorem [8], the derivative of the reactance (or susceptance) of a
passive and lossless network with frequency is always positive, and cosϕo ≤ 1. To
enhance bandwidth, we must force the derivative of ϕ with frequency to be as small
as possible. Thus, according to (4.5), the frequency derivatives of the series and shunt
reactances must be both as small as possible. From the Foster theorem, it follows that
the optimummetamaterial transmission line model to minimize expression (4.5) is the
canonical dual transmission line (see the appendix of Ref. [7]). Hence, it is convenient
to calculate expression (4.5) for this particular case. By introducing

χs = −
1

2CLω
ð4:6Þ

χp = LLω ð4:7Þ

in (4.5), one obtains, after some straightforward calculation:

dϕ

dω

����
ωo

=
2
ωo

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
1−cosϕo

1 + cosϕo

s
=

2
ωo

tan
ϕoj j
2

ð4:8Þ

Thus, for the optimum transmission line model (in terms of the operative bandwidth)
the derivative of phase with frequency does not depend on the required characteristic
impedance. It is simply determined by the operating frequency and phase.

It is important to take into account that expression (4.8) is the derivative of the
phase with frequency corresponding to a single-unit cell. If a number N of cells is used
to obtain the nominal phase shift, ϕo, then the phase shift of either cell is ϕo/N, and
expression (4.8) rewrites as follows:

dϕ

dω

����
ωo

=
2
ωo

Ntan
ϕoj j
2N

ð4:9Þ

A simple analysis of expression (4.9) reveals that dϕ/dω decreases as N increases,
namely,

2
ωo

Ntan
ϕoj j
2N

>
2
ωo

N + 1ð Þtan ϕoj j
2 N + 1ð Þ ð4:10Þ
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for N = 1, 2…, ∞. Therefore, in terms of bandwidth, the optimum solution is an
N-stage artificial transmission line with N!∞. In this case, (4.9) can be expressed
as follows:

dϕ

dω

����
ωo

=
ϕoj j
ωo

ð4:11Þ

According to (4.11), the derivative of phase with frequency for a dual transmission
line in the considered limiting case (N!∞) is identical to that of a conventional line
with identical phase (but different sign) at the same frequency. Therefore, from this
result we may conclude that in those applications where the sign of the phase shift is
irrelevant (e.g., in 90� impedance inverters and many microwave components based
on them [9]), it is not possible to enhance the bandwidth by using artificial lines.4 If the
number of cells is limited to a finite number, the derivative of phase with frequency
increases, and the operative bandwidth is degraded, as compared to that of a conven-
tional transmission line.

Bandwidth improvement can be obtained if the sign of the phase is relevant. In this
case, we have to compare the dual transmission line with phase ϕo (ϕo being negative)
with a conventional transmission line with equivalent phase shift, that is, 2π + ϕo.
From this comparison, it is obvious (from 4.11) that as long as the required phase shift
is higher than π (i.e., π < 2π + ϕo < 2π), the dual transmission line exhibits smaller
phase dependence with frequency, and hence it exhibits a better solution in terms
of bandwidth. If the number of stages is limited to a finite number, then the limiting
phase above which the artificial lines exhibit a better phase response (lower deriva-
tive) is no longer π. For a single-stage dual transmission line, such limiting phase
can be inferred by simply forcing (4.8) to be (2π + ϕo)/ωo. It gives ϕo = −0.7π, or a
positive phase (conventional line of 1.3π). It means that in applications where the sign
of the phase shift is fundamental, by using a single-stage dual transmission line band-
width can be improved if the required (positive) phase shift is comprised between 1.3π
and 2π. Let us consider, for instance, a required phase shift of 1.5π, equivalent to
− π/2, to be achieved with an N-stage dual transmission line at the angular frequency
ωo. If N is high enough, the derivative of the phase shift with frequency can be
approximated by (4.11),

dϕ

dω

����
ωo

=
π

2ωo
ð4:12Þ

whereas the derivative of the phase with frequency for the ordinary line is

dϕ

dω

����
ωo

=
3π
2ωo

ð4:13Þ

4However, device size can be substantially reduced by virtue of the small electrical size of the unit cell of
LH or CRLH lines, as can be seen in the power dividers reported in Ref. [9].
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Therefore, it is clear that the bandwidth is superior by using a dual transmission line. It
should be noted that if the number of stages, N, of the dual transmission line is high,
the long wavelength approximation can be applied, and the characteristic impedance
is roughly constant with frequency (i.e., 3.38 can be approximated by 3.42). However,
if the number of stages is small, or if only one stage is considered, the characteristic
impedance will no longer be constant with frequency in the vicinity of the operating
frequency. Under these conditions, the functionality of the device may also be limited
by the variation of the characteristic impedance.

As highlighted earlier, the optimum metamaterial transmission line for bandwidth
enhancement is the dual transmission line. Thus, the phase shifts (π for the infinite stage
structure and 1.3π for the one-stage transmission line) belowwhich the dual transmission
line is not able to provide an improved bandwidth are fundamental limits. Namely, with
CRLH transmission lines (either CL-loaded or resonant type) this limits are even lower.
However, despite this, bandwidth enhancement is possible since many microwave com-
ponents are based on phase differences between transmission lines. To enhance band-
width, it is necessary that the dispersion characteristics exhibit similar slopes in the
vicinity of the operating frequency, and this can be achieved through the considered arti-
ficial CRLH lines, as will be shown in the next subsection (see Fig. 4.1). On the other
hand, in certain applications, transmission lines with electrical lengths higher than π are
required. Under these conditions, the ordinary lines can be replaced with metamaterial
transmission lines, with the corresponding bandwidth improvement, as anticipated above
and as it will be shown at the beginning of the next subsection.

4.2.1.2 Illustrative Examples
Broadband Series Power Divider The first considered example is a series power
divider. Such devices can be of interest to feed an array of antennas, where in-phase
signals at either radiating element may be required. Therefore, series power dividers

βl

Δϕ

ωn

ϕConv

ϕLH

2π

3π/2

–3π/2

0

Frequency (GHz)

π/2

–π/2

–2π

–π

π

FIGURE 4.1 Illustration of bandwidth enhancement by using a conventional and an LH
transmission line. At the design frequency, ωn, the phase difference, Δϕ, between the two
lines is π, and this difference is roughly preserved in a wide band.
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are implemented by means of transmission lines with in-phase input and output
signals. If ordinary lines are considered, the required phase shift is 2π at the operating
frequency.5 Alternatively, a balanced CRLH line operating at the transition frequency
can be designed to actually achieve zero-phase shift at that frequency. The group delay
for the conventional line is τC = 2π/ωo. Therefore, to enhance bandwidth by means of
the CRLH line, it is necessary that the group delay at the transition frequency satisfies
τCRLH < τC. In reference to CL-loaded balanced CRLH lines, the phase shift in the
vicinity of the transition frequency can be inferred by forcing ωs =ωp =ωo in
Equation 3.59. It gives

ϕ = βl =
Nω

ωR
1−

ω2
o

ω2

� �
ð4:14Þ

where we have added N to account for the number of stages (not necessarily one). The
group delay at ωo is simply:

τCRLH =
dϕ

dω

����
ωo

=
2N
ωR

ð4:15Þ

By forcing (4.15) to be smaller than τC, the following inequality results:

N

ωR
<

π
ωo

ð4:16Þ

which leads to

N

ffiffiffiffiffiffi
LR
CL

r
< πZo ð4:17Þ

with

Zo =

ffiffiffiffiffiffi
LR
CR

r
=

ffiffiffiffiffiffi
LL
CL

r
ð4:18Þ

From (4.17), it follows that to obtain a significant bandwidth enhancement, LR
must be small and CL must be high. This leads also to a small value of CR and a high
value of LL since (4.18) must be satisfied. Consequently,ωRmust be high andωLmust
be small (see expressions (3.53) and (3.54)).

As an alternative to CRLH lines, enhanced bandwidth series power dividers can
be implemented by replacing the 2π ordinary lines with artificial lines consisting
of purely left-handed (PLH) line sections alternating with conventional line sections
providing exactly the same phase shift but with opposite sign (i.e., a 0� phase shifting

5 Transmission lines with a phase of 2πn (n being a positive integer) can also be considered, but bandwidth is
optimized by considering n = 1 for the reasons explained in Section 4.2.1.1.
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line). Let us consider that the 0� line is implemented by combining a conventional line
with phase shift ϕCONV = ϕC at the design frequency, with a PLH line with ϕLH = −ϕC

at that frequency (so that ϕ = ϕCONV + ϕLH = 0). The derivative of the line phase with
frequency at ωo is

dϕ

dω

����
ωo

=
ϕC

ωo
+

2
ωo

tan
ϕC

2
ð4:19Þ

From (4.19), it follows that to maximize the bandwidth it is convenient to choose
ϕC as small as possible. From this, one concludes that the conventional line must be as
short as possible, and CL and LL (see expression 3.37) as high as possible. Notice that
these conditions are equivalent to those inferred in the previous paragraph in reference
to CRLH lines. In practice, ϕC is limited since excessive large values for CL and LL
should be avoided, and a minimum size for the conventional line sections is required.

Following the previous idea, bandwidth improvement was experimentally demon-
strated in a 1:4 series power divider operative at 1.92 GHz, where 0� phase shifting
lines were used [10]. In-phase signals at the input of either divider branch were
achieved through the designed 0� metamaterial transmission lines, placed between
the different output branches of the divider. As compared to the conventional device,
the metamaterial-based power divider exhibits an improved bandwidth. The conven-
tional and the metamaterial-based series power dividers are compared in Figure 4.2. It
is worth mentioning that a significant area reduction is achieved in the divider based on
metalines, since these lines are substantially shorter than the conventional 2π transmis-
sion lines. This example demonstrates that in applications where line phases larger than
π are required, bandwidth can be enhanced by replacing these lines with CRLH lines.6

Broadband Rat-Race Hybrid Coupler The second illustrative example is a broad-
band rat-race hybrid coupler where bandwidth enhancement is obtained by engineer-
ing the dispersion of the constitutive transmission lines, with an eye toward achieving
similar phase slopes at the design frequencies, following the principle illustrated in
Figure 4.1. By using this concept, a rat-race hybrid coupler where the phase balance
for the Δ and Σ ports exhibits broader bandwidth, as compared to the conventional
counterpart, was demonstrated by Okabe et al. [11]. The topology of the conventional
rat-race hybrid coupler is depicted in Figure 4.3a. It is essentially a four-port device
consisting of a 1.5λ ring structure (where λ is the guided wavelength at the design
frequency, ωo) with the ports equally spaced in the upper half of the ring. In the cou-
pler reported in Ref. [11], the +270� (0.75λ) line section was replaced with a −90� LH
line designed to provide the required characteristic impedance (70.7Ω) and phase
(−90�) at the operating frequency. The LH line was implemented by loading a host
line with lumped inductors and capacitors in shunt and series connection, respectively.
The performance and size of the device is good, with a wide bandwidth for the
coupling coefficient and phase balance (see Ref. [11] for more details).

6 Since the combination of a PLH line and an ordinary line provides a backward and a forward transmission
band, the structure can be considered to belong to the category of CRLH lines.
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FIGURE 4.2 Metamaterial-based (a) and conventional (b) 1:4 series power dividers with
their corresponding measured and simulated frequency responses (only S11 (c) and S21 (d) are
depicted). Reprinted with permission from Ref. [10]; copyright 2005 IEEE.
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Alternatively, the metamaterial rat-race hybrid coupler can be implemented by
means of the resonant type approach [12]. In this case, not only the 270� line is
replaced with an artificial −90� LH line but also the three +90� (right handed −
RH) transmission lines are implemented as artificial lines based on CSRRs (the char-
acteristic impedance of these artificial lines is set to 70.7Ω). Such artificial RH lines
are implemented by combining CSRRs with shunt stubs, as Figure 4.4 illustrates. As
discussed in Ref. [13], by means of this fully artificial structure (all the lines are arti-
ficial) a further controllability on the frequency dependence of the phase of the lines
can be achieved, as compared to the structure with only one artificial line (i.e., the LH
line providing −90� phase shift, in substitution of the +270� conventional line).
Indeed, it is not possible to achieve similar phase slopes between the conventional
+90� lines and the −90� LH line in the vicinity of the design frequencies [13] for
the structure with only one artificial line. The +90� and −90� CSRR-based lines were
optimized in order to exhibit similar phase slopes at the design frequency (notice that
expressions 4.4 and 4.5 are valid for the structure of Fig. 4.4). Nevertheless, it should
be mentioned that the characteristic impedance of these lines is frequency dependent,

+270˚

+90˚

Output

Output

+90˚

+90˚

Σ
+90˚

–90˚

+90˚

+90

2
(a)

(c)

(b)
3 3

2

1

4

14

∆

FIGURE 4.3 Layout of the conventional (a) and fully artificial (b) rat-race hybrid couplers.
A comparative photograph of both devices can be seen in (c). The devices were fabricated on the
Rogers RO3010 substrate with dielectric constant εr = 10.2 and thickness h = 635 μm. The
active area (excluding access lines) of the CSRR-based hybrid coupler is 3.62 cm2, whereas
the conventional one occupies an area of 10.33 cm2. Reprinted with permission from Ref. [12],
copyright 2007 IEEE.
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and therefore its frequency derivative must be minimized as much as possible for
bandwidth optimization. The design equations for both lines are (4.2) and (4.3), sub-
jected to equal phase slopes (expression 4.5) and minimum variation of the character-
istic impedance with frequency for both lines. In practice, however, optimization at
the layout level is required since the design equations are complex, involve many
parameters, and they are difficult to solve analytically.

Figure 4.5 depicts the phase difference between the designed artificial lines, where
it can be appreciated that it experiences less variation with frequency as compared
with the phase difference of conventional lines or with the phase difference resulting
by using a conventional line and a LH line (the design frequency is 1.6 GHz). The
layout of the fully artificial rat-race hybrid coupler is also depicted in Figure 4.3 (also
in this figure are included the photographs of the conventional and the metamaterial
rat-race hybrid couplers, in order to appreciate the achievable size reduction by using
metamaterial transmission lines). The simulated and measured impedance matching,
coupling and isolation for both structures are depicted in Figure 4.6. In Figure 4.7, the
phase balance for the Σ and Δ ports, namely ϕ(S42) − ϕ(S32) and ϕ(S41) − ϕ(S31),
respectively, are depicted. In terms of flatness, the phase balance of the fully artificial
rat-race exhibits superior performance. Power splitting for both the Δ and the Σ ports
exhibits similar characteristics to those measured in the conventional implementation.
A comparison between the fully artificial and the conventional rat-race hybrid coupler
in terms of bandwidth is represented in Table 4.1. Isolation is comparable in both cou-
plers, although matching is better in the conventional implementation. However, as
has been mentioned, phase balance is substantially improved by using metamaterial
transmission lines.

The design of the fully artificial rat-race is compatible with planar technology
since no lumped elements are used, and size reduction by a factor of 3 is achieved
as compared to the conventional implementation. There are other means to achieve
size reduction in rat-race hybrid couplers. For instance, small-size devices have been
achieved by using folded lines [14], periodically loaded lines [15], synthetic meander
lines [16], and stepped impedance resonators [17]. However, in general, these

(a)
L/2

Via

C

Cc
LcLP

L/2
(b)

FIGURE 4.4 Typical topology (a) and circuit model (b) of the CSRR-based RH line unit cell.
Lp models the shunt stub, grounded by means of a via, whereas the other circuit parameters were
described in reference to Figure 3.38. The ground plane, where the CSRRs are etched, is
depicted in gray.
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techniques do not provide a comparable performance, in terms of bandwidth, as com-
pared to the devices based on metamaterial transmission lines [11, 12]. An exception
to this is the rat-race hybrid presented in Ref. [18], where the 270� branch is replaced
by a −90� branch realized by a +90� microstrip line and a CPW phase inverter. How-
ever the design requires a CPW-to-microstrip transition and fabrication is more
complex.

The technique for bandwidth enhancement based on metamaterial transmission
lines has been applied to other microwave components, such as phase shifters [19,
20], Wilkinson baluns [21], and T-junction power splitters with balanced [22] or
quadrature phase [23] outputs over a broad band, among others.

4.2.2 Dual-Band and Multiband Components

Dual-band components exhibit certain functionality at two arbitrary frequencies (the
concept can be extended to tri-band, quad-band and, in general, to n-band components
by satisfying the required functionality at three, four, or n controllable frequencies,
respectively).7 Conventional distributed microwave components typically exhibit a
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FIGURE 4.5 Representation of the phase difference ΔϕS21 between the conventional +90�

and +270� lines (dashed line), the conventional +90� and LH −90� lines (dotted line) and the
artificial RH +90� and LH −90� lines (solid line). The phase difference is roughly 180� at the
design frequency (1.6 GHz). Reprinted with permission from Ref. [13], copyright 2008
John Wiley.

7 These microwave components exhibiting multiple band functionality at controllable frequencies (i.e.,
those dictated by design requirements) are designated as multiband devices. By contrast, devices operative
at a single frequency are called single-band or mono-band components.
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periodic response and hence exhibit the required functionality at the design frequency
and at its odd harmonics. However, such devices cannot be considered multiband
components since the operating frequencies cannot be set to those values correspond-
ing to system requirements. They are thus single-band components, that is, their func-
tionality can only be satisfied at a single-design frequency.

0.0 0.5 1.0 1.5 2.0 2.5 3.0 3.5

–60

–50

–40

–30

–20

–10

0

Frequency (GHz)

S-
p
ar

am
et

er
s 

(d
B

)

S11 measurement
S21 measurement
S31 measurement
S41 measurement
S11 EM simulation
S21 EM simulation
S31 EM simulation
S41 EM simulation

(a)

(b)

1.0 1.5 2.0 2.5

–35

–30

–25

–20

–15

–10

–5

0

Frequency (GHz)

S-
p
ar

am
et

er
s 

(d
B

)

S11 measurement

S21 measurement

S31 measurement

S41 measurement

S11 EM simulation

S21 EM simulation

S31 EM simulation

S41 EM simulation

FIGURE 4.6 Impedance matching (S11), coupling, (S31, S41) and isolation (S21) for the
CSRR-based hybrid coupler (a) and conventional coupler (b). Reprinted with permission
from Ref. [12]; copyright 2007 IEEE.
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4.2.2.1 Principle for Dual-Band andMultiband Operation The larger number of
free parameters of CRLH transmission lines (as compared to conventional lines) is
useful for the design of dual-band and multiband components through dispersion
and impedance engineering. To achieve dual-band operation, it is necessary to satisfy
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the phase and impedance requirements (for the transmission lines and stubs of the
circuit) at the two design frequencies, f1 and f2. Let us consider that the required phases
are ϕ1 and ϕ2 at the design frequencies. As can be seen in Figure 4.8, in general, such
phase values cannot simultaneously be satisfied by means of ordinary lines. However,
by using artificial lines, we can tailor the dispersion diagram to set the phases to the
required values at the two operating frequencies (i.e., Fig. 4.8 illustrates). One impor-
tant aspect is that, contrary to conventional lines, metamaterial transmission lines
exhibit frequency-dependent characteristic impedance. Thus, such artificial lines must
be designed to satisfy also the impedance requirements at the design frequencies. For
multiband functionality, the idea is to increase the number of elements of the artificial
lines in order to enhance the degrees of freedom, and thus be able to satisfy the phase
and impedance requirements at more than two frequencies, as will be shown later.

4.2.2.2 Main Approaches for Dual-Band Device Design and Illustrative
Examples Practical dual-band components have been implemented either by using
artificial lines that combine ordinary (RH) lines with PLH lines8 made of SMT
components, or by means of fully planar CRLH transmission lines.

Dual-Band Devices Based on a Combination of Ordinary and PLH Lines:
Application to a Dual-Band Branch Line Hybrid Coupler For the implementation
of dual-band metamaterial transmission lines, one approach is to cascade multiple

TABLE 4.1 Bandwidth characteristics in the conventional and artificial
rat-race couplers

Conventional Fully artificial

Σ Input Δ Input Σ Input Δ Input

Output (dB) 3.10 ± 0.25 3.10 ± 0.25 3.5 ± 0.25 3.38 ± 0.25
Range (GHz) 1.38–1.70 1.40–1.72 1.55–1.89 1.54–1.89
Bandwidth (%) 20 20 20 20

Phase balance (degrees) 0 ± 5 180 ± 5 0 ± 5 180 ± 5
Range (GHz) 1.40–1.65 1.40–1.65 1.40–2.10 1.40–2.10
Bandwidth (%) 16 16 40 40

Isolation (dB) < −15 < −15
Range (GHz) 1.20–1.90 1.35–2.10
Bandwidth (%) 45 44

Return loss (dB) < −10 < −10
Range (GHz) 1.13–1.99 0.59–2.50 1.41–2.26 1.40–2.01
Bandwidth (%) 55 123 46 36

Bold indicates the main characteristics of the rat-race couplers.

8 Although PLH lines do not exist in practice, as discussed in Chapter 3, we intentionally use this terminology
to emphasize the fact that the considered SMT-based LH lines roughly behave as PLH lines in the frequency
region of interest. This means that the parameters of the host line can be neglected in such region.
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(N) effectively homogeneous unit cells. For instance, a balanced line in the vicinity of
the transition frequency exhibits roughly constant (i.e., frequency independent) char-
acteristic impedance. Thus, by setting this impedance to the required value and adjust-
ing the slope of the dispersion diagram so that the phases of the unit cells are ϕ1/N and
ϕ2/N at the design frequencies, dual-band operation can be achieved. Practical dual-
band components have indeed been implemented by cascading conventional lines
(with positive phase shift) and backward (i.e., PLH) lines implemented by means
of lumped elements [2]. As long as the phase shift per unit cell in the backward lines
is small, the phase can be approximated by

ϕCRLH =ϕR−
N

ω
ffiffiffiffiffiffiffiffiffiffiffi
LLCL

p ð4:20Þ

where the subindex CRLH denotes the phase of the composite structure, N is the num-
ber of unit cells of the backward wave transmission line, and ϕR = βRl = (ω/vp)l, where
vp is the phase velocity of the conventional line and l its length. By forcing the phase of
the composite structure to be ϕCRLH = ϕ1 at ω1 = 2πf1 and ϕCRLH = ϕ2 at ω2 = 2πf2
(with ω2 >ω1), and the characteristic impedance of both lines to Zo, the length of
the line and the reactive elements of the PLH line are found to be9

Conventional line

CRLH line

ω

ω2

ω1

ω2(Conv)

ϕ1 ϕ2 ϕ

FIGURE 4.8 Illustration of the single-band operation of conventional lines, as compared to
the possibility of designing dual-band metamaterial transmission lines, with the required phase
at arbitrary frequencies.

9 Since the PLH line is considered to satisfy the homogeneity condition, the characteristic impedance of this
line is simply given by Zo = (LL/CL)

1/2.
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l=
vp ϕ2ω2−ϕ1ω1ð Þ

ω2
2−ω

2
1

ð4:21Þ

CL =
N

Zo

ω2
2−ω

2
1

ω1ω2 ϕ2ω1−ϕ1ω2ð Þ ð4:22Þ

LL = ZoN
ω2
2−ω

2
1

ω1ω2 ϕ2ω1−ϕ1ω2ð Þ ð4:23Þ

and the transverse dimensions of the conventional line must be adjusted to provide
the required characteristic impedance, Zo. Notice that, depending on the required
phases, the conventional line length and/or the elements of the PLH line, LL and
CL, may be negative. For instance, if ϕ1 = ϕ2 > 0, l is positive, but LL and CL take
negative values. Although this negative element values cannot be implemented
(unless non-Foster active components are used, as discussed in the last chapter of
this book), from a mathematical viewpoint the negative phase of the PLH line
reverses its sign and for this reason a mathematical solution exists for negative
values of LL and CL. In order to have positive values of LL and CL, the following
condition must be satisfied:

ϕ2ω1−ϕ1ω2 > 0 ð4:24Þ

Notice that this condition forces ϕ2 > ϕ1, and hence it leads also to a positive
value of l.

If both phases are positive, it is necessary that ϕ2/ϕ1 > ω2/ω1 in order to satisfy
(4.24). Thus, the relative values of the operating frequencies dictate the minimum
ratio between the (positive) phases at these frequencies. Let us consider, for
instance, that ϕ1 = +90� and ϕ2 = +270�. This is an interesting case because
such phases are equivalent (hence providing the same functionality) for many
applications (i.e., the implementation of impedance inverters). According to
(4.24), the ratio of the operating frequencies is limited to 3. If ϕ2 > 0 and ϕ1

< 0, expression (4.24) is always satisfied, and a solution always exists regardless
of the values of ω1 and ω2 (with ω2 > ω1). Let us consider, for instance, that ϕ2 =
−ϕ1 = 90�. Introducing these phase values in (4.21)–(4.23), the following results
are obtained:

l=
πvp

2 ω2−ω1ð Þ ð4:25Þ

CL =
2N
πZo

ω2−ω1ð Þ
ω1ω2

ð4:26Þ

LL =
2NZo
π

ω2−ω1ð Þ
ω1ω2

ð4:27Þ
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Thus, expressions (4.25)–(4.27) are simple design equations for the implementa-
tion of dual-band impedance inverters exploiting the LH and the RH band of the
CRLH artificial transmission line.

Following the previous strategy, several dual-band components have been imple-
mented. For instance, a dual-band Wilkinson power divider is reported in Ref. [2],
where the phases of the two impedance inverters of the divider are set to ϕ1 = −90�

and ϕ2 = +90� at the operating frequencies f1 = 1 GHz and f2 = 3.1 GHz, respectively
(Eqs. 4.25–4.27 apply in this case). As an illustrative result of the dual-band approach
based on the combination of ordinary and PLH line sections, a dual-band branch line
hybrid coupler is reported here [24] (the lumped elements are implemented by
means of SMT chip components). The design frequencies are f1 = 0.93 GHz and
f2 = 1.78 GHz, and the electrical lengths of the four coupler branches are set to
ϕ1 = +90� and ϕ2 = +270� at those frequencies. The design equations are thus given
by (4.21)–(4.23), with the required values of the phases. The fabricated prototype
device is depicted in Figure 4.9, where matching, coupling, and isolation are also
depicted. The characterization results reveal that the dual-band functionality is
satisfied at the desired frequencies, with near −3 dB transmission between the input
port and the coupled and through ports. Other devices based on this approach are
reported in Ref. [25–27], including an active device (i.e., a dual-band Class-E power
amplifier [27]).

Dual-BandDevices based on Fully Planar CRLHLines: Application to Power Dividers
and Branch Line Hybrid Couplers Although the size of the dual-band components
considered in the previous subsection is moderately small, the use of SMT compo-
nents may represent a severe limitation in certain applications, and inaccuracies
may appear due to the limited number of available reactive element values. The
use of lumped elements can be avoided by implementing the CRLH lines with semi-
lumped (i.e., fully planar) components. Typically, the size of semilumped elements is
larger than the size of lumped components. For this reason, dual-band devices based
on semilumped CRLH lines are typically implemented by means of a single unit cell.

Let us consider the implementation of dual-band ±90� transmission lines by means
of fully planar CRLH lines based on the canonical T-circuit model of Figure 3.20.
The line must be designed so that the first and second operating frequencies lie in
the LH and RH bands, respectively. According to this, the electrical length and char-
acteristic impedance must be set to ϕ = ϕ1= −90� and Zo = Z1 at the lower frequency,
and ϕ = ϕ2= +90� and Zo = Z2 at the upper frequency (typically Z1 = Z2, but at the
moment this condition is relaxed). By forcing the above phases and characteristic
impedances at the design frequencies, the following conditions result:

χs ω1ð Þ= −Z1 ð4:28aÞ
χp ω1ð Þ = +Z1 ð4:28bÞ
χs ω2ð Þ= +Z2 ð4:28cÞ
χp ω2ð Þ= −Z2 ð4:28dÞ
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permission from Ref. [24]; copyright 2004 IEEE.
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as it is derived from (2.30) and (2.33), χs and χp being the series and shunt
reactance, respectively, of the T-circuit model of the unit cell. Since the circuit
model has four reactive elements, they are univocally determined from
Equations 4.28, that is,

LR =
2 Z1ω1 +Z2ω2ð Þ

ω2
2−ω

2
1

ð4:29aÞ

CL =
ω2
2−ω

2
1

2ω1ω2 Z1ω2 + Z2ω1ð Þ ð4:29bÞ

LL =
ω2
2−ω

2
1

� �
Z1Z2

ω1ω2 Z1ω1 +Z2ω2ð Þ ð4:29cÞ

CR =
Z1ω2 + Z2ω1

ω2
2−ω

2
1

� �
Z1Z2

ð4:29dÞ

It is interesting to mention that the series, ωs, and shunt, ωp, resonance frequencies
satisfy the following condition:

ωsωp =ω1ω2 ð4:30Þ

In general, the elements given by (4.29) do not correspond to a balanced
CRLH unit cell. However, if the characteristic impedances at both design fre-
quencies are forced to take the same value (Z1 = Z2),

10 the resulting line is bal-
anced and

ωs =ωp =
ffiffiffiffiffiffiffiffiffiffiffi
ω1ω2

p ð4:31Þ

In this case (Z1 = Z2 = Zo), the elements are simplified to

LR =
2Zo

ω2−ω1
ð4:32aÞ

CL =
ω2−ω1

2ω1ω2Zo
ð4:32bÞ

10 In most dual-band applications, the devices must exhibit the same functionality at the design frequencies
and, therefore, Z1 = Z2. Nevertheless, since the considered artificial lines allow us to implement dual-band
impedance inverters with different impedance value at each frequency, the analysis of the more general case
with Z1 6¼ Z2 is also of interest.
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LL =
ω2−ω1ð ÞZo
ω1ω2

ð4:32cÞ

CR =
1

ω2−ω1ð ÞZo ð4:32dÞ

and (4.32) can be used for design purposes.
In practice, fully planar dual-band components based on dual-band impedance

inverters can be implemented by means of OSRR/OCSRR loaded lines. Certainly,
the circuit model of these lines (see Fig. 3.58) is not exactly the canonical circuit model
of a CRLH line, due to the presence of the parasitic elements (L and C). Nevertheless,
the previous analysis can be applied for design purposes. To clarify the design process,
let us consider the implementation of a dual-band impedance inverter functional at f1 =
2.4 GHz and f2 = 3.75 GHz, with Zo = 35.35Ω and electrical length of ϕ1= −90� at f1
and ϕ2= +90� at f2, (this inverter will be applied to the design of a power divider) [28].
According to the circuit model of Figure 3.58c, the design equations are those given by
(4.28) with Z1 = Z2 = Zo = 35.35Ω and χs and χp given by (3.99). However, there are
six unknowns (the six reactive elements of the circuit of Fig. 3.58c). The procedure to
determine the element values is as follows: in a first step, L and C (the parasitics in the
model of Fig. 3.58c) are neglected, and the other four element values are inferred from
the four equations (4.32) (with L0p = LL, C0

p = CR, L0s = LR/2, and Cs = 2CL). Then a
layout for the OSRR and OCSRR stages is generated so that the extracted parameters
for the resonators (see Appendix G) are identical to those inferred in the first step. This
gives also the parasitic values, which are introduced in (3.99). Finally, the other ele-
ment values (L0p, C

0
p, L

0
s, and Cs) are recalculated in order to satisfy (4.28). Obviously,

the layout must also be readjusted in order to be in coherence with the recalculated
reactive elements (the parasitics do not experience a significant variation). By consid-
ering the Rogers RO3010 substrate with thickness h = 0.635 mm and dielectric con-
stant εr = 10.2; and by applying the previous procedure, the elements of the circuit
model of Figure 3.58c were found to be C = 0.2 pF, L = 0.25nH, Cs = 0.66 pF, L0s =
3.74 nH, C0

p = 2.99 pF, and L0p = 0.83 nH. The layout of the dual-band impedance
inverter is depicted in Figure 4.10, with the circuit and electromagnetic (EM) simu-
lation of the phase and characteristic impedance. These results reveal that the required
characteristics are satisfied. By cascading a 50Ω input (access) line and two 50Ω out-
put lines, the dual-band power splitter results. The photograph of this device and the
simulated andmeasured power splitting andmatching are depicted in Figure 4.11. The
required functionality at the two operating frequencies is clearly achieved.

Let us now consider the implementation of dual-band ±90� transmission lines by
means of CSRR/gap-loaded CRLH microstrip lines. The lumped-element equivalent
circuit model of the unit cell of the CSRR/gap-loaded line (depicted in Fig. 3.38b) is
described bymeans of five independent parameters, whereas the phase and impedance
requirements represent only four conditions (expressions 4.28). Thus, the circuit para-
meters of the unit cell cannot be univocally determined, unless an additional condition
is imposed. If the structure is forced to be balanced, the series and shunt resonance
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frequencies must be identical. This additional condition leads to the following element
values:

L=
2 Z1ω1 + Z2ω2ð Þ

ω2
2−ω

2
1

ð4:33aÞ

Cg =
ω2
2−ω

2
1

2ω1ω2 Z1ω2 + Z2ω1ð Þ ð4:33bÞ

C =
Z1ω2 +Z2ω1

Z2
2 −Z

2
1

� �
ω1ω2

ð4:33cÞ

Cc =
Z1ω2 + Z2ω1

ω2
2−ω

2
1

� �
Z1Z2

ð4:33dÞ

Lc =
Z1ω1 +Z2ω2ð Þ ω2

2−ω
2
1

� �
Z1Z2

ω1ω2 Z1ω2 + Z2ω1ð Þ2 ð4:33eÞ

where Z1 and Z2 are the inverter impedances at the operating frequencies. Inspection
of Equations 4.33 reveals that L, Cg, Cc, and Lc are always positive (notice that
ω2>ω1). However,Cmay be negative (for Z1 > Z2), orC =∞ (for a dual-band imped-
ance inverter with identical impedances Z1 = Z2). If Z1 > Z2 (C < 0), the inverter cannot
be synthesized by means of a balanced cell described by the model of Figure 3.38b.
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FIGURE 4.10 Layout (a) and circuit and EM simulation (b) of the OSRR/OCSRR-based
dual-band impedance inverter. Dimensions are l = 9mm, W = 4mm, and G = 0.74mm.
For the OCSRRs rext = 0.9 mm, c = 0.2mm, and d = 0.2 mm. For the OSRRs, rext = 1.5 mm,
c = 0.3 mm, and d = 0.2 mm. The wide metallic strip in the back substrate side was added in
order to enhance the shunt capacitance of the OCSRR stage, as required to achieve the
electrical characteristics of the device. Reprinted with permission from Ref. [28]; copyright
2009 IEEE.
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If Z1 = Z2 = Zo, as most applications require, the inverter can be synthesized by balan-
cing the line, but substituting the capacitance C with an electrical short. In practice,
this is not possible by using the cell topology shown in Figure 3.38b. Notice, however,
that this case corresponds to the balanced CRLH line based on the canonical circuit
model of Figure 3.20, discussed in the previous paragraph. In other words, expres-
sions (4.33) with Z1 = Z2 = Zo provide element values identical to those given by
(4.32). Hence, in order to implement dual-band quarter wavelength impedance inver-
ters with identical impedances (at the frequencies of interest) by means of CSRR/gap-
loaded CRLH unit cells, such cells must be designed without the restriction of being
balanced. Nevertheless, the circuit parameters of the series branch, L and Cg are still
univocally determined (and given by expressions 4.33a and 4.33b) under the unbal-
ance condition.11 The elementsC, Lc, andCc must be chosen in order to satisfy (4.28b)
and (4.28d). This gives certain flexibility in the determination of such elements that
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FIGURE 4.11 Photograph of the fabricated dual-band power splitter based on the inverter of
Figure 4.10. (a) Top, (b) bottom, and (c) frequency response. Reprinted with permission from
Ref. [28]; copyright 2009 IEEE.

11Notice that according to (4.28), the elements of the series (L, Cg) and shunt (C, Lc, Cc) branches are inde-
pendently determined. Thus, introduction of an additional element (the coupling capacitanceC) in the shunt
branch does not modify the equations giving the elements of the series branch.
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can be of interest to ease their physical implementation. However, as discussed in
Chapter 3, CSRR/gap-loaded lines exhibit a transmission zero to the left of the first
(LH) band (expression 3.86). By considering the position of this transmission zero as
an additional condition to be satisfied by the elements of the shunt branch, such
elements are univocally determined and given by12

Lcω1

1−LcCcω2
1

−
1

Cω1
= Zo ð4:34aÞ

Lcω2

1−LcCcω2
2

−
1

Cω2
= −Zo ð4:34bÞ

1ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
Lc C +Ccð Þp =ωz ð4:34cÞ

where ωz = 2πfz is the angular frequency of the transmission zero.
Depending on the specific values of the characteristic impedance of the inverter,

the design frequencies (including the transmission zero frequency) and the parameters
of the substrate, it may be difficult to synthesize the element values with an implemen-
table layout. Let us consider this situation by means of a specific example and the
proposed solution [29]. The objective is again to design a dual-band power divider
by means of a Zo = 35.35Ω quarter wavelength impedance inverter. The operating
frequencies are set to to f1 = 0.9 GHz and f2 = 1.8 GHz and the transmission zero to
fz = 0.5 GHz. The resulting element values are L = 12.5 nH, C = 24.9 pF, Cg = 1.25 pF,
Lc = 3.38 nH, and Cc = 5.10 pF. With the element values of L, C, and Cg, the conver-
gence region in the Lc–Cc plane was obtained according to the method reported in
Appendix H,13 and the target values of Lc and Cc do not belong to such region
(the considered substrate is the Rogers RO3010, with thickness h = 0.635 mm and die-
lectric constant εr = 10.2). This means that it is not possible to implement the dual-
band impedance inverter in that substrate by merely considering the CSRR/gap-
loaded line (some element values are too extreme). However, it is expected that by
cascading transmission line sections at both sides of the CSRR/gap-loaded line, the
element values of the cell are relaxed, and a solution within the convergence region
arises. Therefore, two identical 35.35Ω transmission line sections are cascaded at both
sides of the CSRR/gap-loaded line. The width of these line sections is 1.127mm,
corresponding to the indicated characteristic impedance in the considered substrate.
Notice that by cascading such 35.35Ω lines, the electrical length at the operating
frequencies is the sum of the electrical lengths of the lines plus the electrical length

12 Isolation ofC, Lc, andCc from expressions (4.34) is cumbersome and gives huge analytical expressions to
be included.
13 Actually, the method given in Appendix H is for CSRR-loaded lines, but the procedure to determine the
convergence region in the Lc–Cc subspace for CSRR/gap-loaded lines is very similar (see Ref. [29] for
further details).
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of the CSRR-based cell. Thus, the phase condition that must satisfy the
CSRR/gap-loaded line can be expressed as ϕ1 = −90� −2ϕL(f1) and ϕ2 = +90�

−2ϕL(f2), where ϕ1 and ϕ2 are the electrical lengths of the CSRR-based cell at the
design frequencies f1 and f2, and ϕL is the phase introduced by the line at the indicated
frequency.

A parametric analysis, consisting of obtaining the element values of the CSRR-
based cell for different values of the length of the cascaded transmission line sections
(and hence ϕL(f1) and ϕL(f2)), was made. The results are depicted in Figure 4.12. It can
be observed that for small values of ϕL(f1), L and C are too large for being implemen-
ted. Large L means a small value of the strip width, W, of the host line, but this is not
compatible with a large C value. On the other hand, the values of Lc and Cc without
cascaded line sections, that is, ϕL(f1) = 0�, give extreme values of d and c, that is, large
value of d and small value of c. However, by increasing ϕL(f1) (or the length of the
cascaded lines), the variation of the elements of the central CSRR-gap-based cell goes
in the correct direction for their implementation. Specifically, a pair of transmission
line sections with ϕL(f1) = 15� was considered. With this phase, the required electrical
lengths for the CSRR-based cell at the operating frequencies are ϕ1 = −120� and ϕ2 =
+30�. The element values providing these phases and the required characteristic
impedance are L = 9.45 nH and C = 17.9 pF, Cg = 1.01 pF, Lc = 4.85 nH, and Cc =
2.95 pF, and these values lead us to an implementable layout.14 The reason of choos-
ing this phase shift for the lines is that it gives the minimum value of L (see Fig. 4.12)
and a reasonable small value of C, with Lc not so small and Cc not so large. Notice that
Cg does not experience significant variations with ϕL(f1).
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FIGURE4.12 Dependence of the element values of the CSRR/gap-loaded line with the phase
of each cascaded transmission line section at f1. Reprinted with permission from Ref. [29];
copyright 2013 IEEE.

14 These element values were derived from (2.30) and (2.33) by forcing the phases and characteristic imped-
ance to the required values at the operating frequencies, and by means of (3.86). Expressions (4.34) only
apply if ϕ1 = −90� and ϕ2 = +90�.
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The layout of the CSRR/gap-loaded line was inferred from the ASM-based
synthesis method reported in Appendix H, where a T-shaped geometry for the gap
was considered.15 The geometrical parameters of the synthesized structure are (see
Fig. 4.13) l = 14.42 mm, W = 0.87 mm, c = 0.34 mm, d = 0.40 mm, Wg = 7.13 mm,
and convergence (with a relative error of 0.012—see Appendix H for more details)
was obtained after six iterations. The comparison of the electrical length and charac-
teristic impedance inferred from EM simulation of the synthesized impedance inverter
(the CSRR-based cell plus the cascaded 35.35Ω transmission line sections), and the
ones inferred from circuit simulation are shown in Figure 4.14. The agreement is
excellent in the LH region, where the model describes the structure to a very good
approximation, and progressively degrades as frequency increases, as it is well known
and expected. Nevertheless, the phase shift and the characteristic impedance at f2 are
reasonably close to the nominal values, and hence we do expect that the functionality
of the power divider at f2 is preserved. Figure 4.15 depicts the schematic and photo-
graph of the divider (fabricated after cascading two output 50Ω access lines for con-
nector soldering) and the frequency response. It can be appreciated that optimum
matching occurs at f1 and slightly below f2, for the reasons explained. Nevertheless,
the functionality of the power divider covers both design frequencies. The discrep-
ancy between the measured response and the target is not due to a failure of the
ASM-based synthesis method, but it is due to the fact that the circuit model of the
CSRR/gap-loaded line does not accurately describe the structure at high frequencies,
including part of the RH band (notice that this does not occur with OSRR/OCSRR-
based CRLH lines, where the model accurately describes the structure up to frequen-
cies including the second −RH−band).

Since the use of the synthesis method tends to underestimate the upper matching
frequency, one possibility to improve the power divider response is to design it by
increasing the upper operating frequency with regard to the nominal value. Alterna-
tively, optimization at the layout level can be carried out. Various additional examples

Wg

d lg

l

W

s

c

FIGURE 4.13 CSRR/gap-loaded microstrip line with T-shaped gap, and relevant dimensions.

15 This geometry may be used in applications where a relatively large gap capacitance is required.
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of power dividers based on the CSRR/gap-loaded lines can be found in Ref. [30]. In
one of those dividers, a complementary spiral resonator (CSR) was used in order to
reduce device size.

In both dual-band dividers, depicted in Figures 4.11 and 4.15, the upper band exhi-
bits a wider bandwidth as compared to the first one. This is due to the softer variation
of phase and characteristic impedance with frequency at the second design frequency.
If both dividers are compared, the matching level and insertion loss at the design fre-
quencies are of the same order. The OSRR/OCSRR-based divider exhibits broader
bands, but splitters implemented with CSRRs exhibit a transmission zero that can
be interesting for filtering purposes. Concerning size, despite that OSRRs and
OCSRRs are electrically smaller than SRRs and CSRRs (this aspect was discussed
in Chapter 3), the unit cell of the CSRR/gap-loaded CRLH line requires only one res-
onator, whereas three resonator stages are needed for the CRLH line based on the
combination of OSRRs and OCSRRs. For this reason, dual-band components based
on quarter wavelength impedance inverters implemented by means of CSRRs are typ-
ically electrically smaller as compared to those based on OSRR/OCSRR-based lines.
On the other hand, the circuit model of OSRR/OCSRR provides very accurate results
in a broader bandwidth as compared to the model of CSRR/gap-loaded lines. This
eases circuit design for OSRR/OCSRR based CRLH lines. Nevertheless, a synthesis
method has been developed to aid the design process in devices based on CSRRs, as
detailed in Appendix H.

A dual-band branch line hybrid coupler based on CSRR/gap-loaded microstrip
lines acting as quarter wavelength transmission lines was reported in Ref. [31].
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FIGURE 4.14 Comparison between the EM and circuit simulation corresponding to the
characteristic impedance and electrical length of the designed dual-band impedance inverter
described in the text. Reprinted with permission from Ref. [29]; copyright 2013 IEEE.
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It is depicted in Figure 4.16 for completeness (the details of the design are given
in Ref. [31]). The measured results show the dual-band performance around
0.90 GHz and 1.81 GHz (minimum return loss). The return loss, coupling, trans-
mission, and isolation are 25.8 dB, 4.19 dB, 4.31 dB, and 21.5 dB at the first
band, and 30.5 dB, 4.43 dB, 4.72 dB, and 17.69 dB at the second band. The
measured phase balance is −93� and +92� at 0.90 GHz and 1.81 GHz, respec-
tively. In terms of bandwidth and coupling at both operating frequencies, the
device depicted in Figure 4.9 exhibits better performance. However, the coupler
of Figure 4.16 is fully planar and electrically smaller (the size of the square is
0.19λ × 0.20λ, where λ is the guided wavelength at f1).

Dual-Band Diplexer based on Branch Line Hybrid Couplers Although filters and
diplexers will be considered in Section 4.2.3, an interesting application of dual-band
hybrid couplers is reported here: the realization of a dual-band microwave diplexer
operative at the mobile GSM frequency bands (GSM-850, DCS-1800) [32]. The sche-
matic diagram of the dual-band diplexer is sketched in Figure 4.17 (the diplexer prin-
ciple for single-band operation is reported in Ref. [33]). The port 1 of hybrid A is the
transmitter (Tx) port, whereas ports 2 and 3 of the hybrid B are the receiver (Rx) and
antenna ports, respectively. For dual-band operation, the hybrids and the band-stop
filters must be designed to operate at the desired frequency bands. Indeed, the hybrids
must cover both the transmitter and receiver frequencies at both bands, whereas the
band-stop filters must be designed to efficiently reject the Rx signal and transmit the
Tx signal for both GSM bands. Filters A and B have been designed to provide the
central rejection frequencies at 0.89 and 1.73 GHz, respectively, that is the receiver
signal frequencies. Transmitter frequencies are centered at 0.83 GHz for the lower
band, and at 1.80 GHz for the upper band.

From the scattering matrix of the quadrature hybrid coupler (assuming that the
pairs of isolated ports are ports 1–4 and 2–3), and considering that ports 1 and 4 of
hybrid B are terminated by loads with identical reflection coefficient (the reflection
coefficients of the two bandstop filters, Γ), it follows that the transmission from
the antenna port to the receiver port is given by

Santenna−Rx = jΓ ð4:35Þ

From (4.35), it is clear that if jΓj = 1, the received signal at the antenna will be trans-
mitted to the Rx port without any loss. This requires band-stop filters with high rejec-
tion and very low loss in the reflected signals at the two receiver band frequencies.
From the analysis of the scattering matrix of the hybrids, and assuming that the filters
only provide a certain phase shift at the transmit frequencies (which will be different
for each frequency band), it follows that the power transmitted from the Tx port to the
Rx port is null (isolated ports), whereas the injected power in the Tx port is totally
transmitted to the antenna port according to:

STx−antenna = e
− j θ1,2 −π=2ð Þ ð4:36Þ
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It is clear that the signals at the antenna and Tx ports are identical except by certain
phase shift, which depends on the phase shift introduced by the filters at the transmit
frequencies of the two operating bands, θ1 and θ2.

The design of the dual-band branch-line hybrid couplers (implemented by
means of CSRR/gap loaded lines) is described in Ref. [31]. The resulting devices
are similar to that depicted in Figure 4.16. The dual-band band-stop filters were
implemented by means of spiral resonators (SRs) coupled to the microstrip line
connecting both hybrid couplers. To achieve dual-band operation, a pair of SRs
was designed to provide rejection at the reception frequency of the lower band,
whereas a second pair was tuned at the reception frequency of the upper band.
The rejection filters could have been implemented by coupling other resonators
to the line, but spirals provide small size and narrow band, as is required in this
application (due to the proximity of the transmit frequencies). A photograph of
the fabricated diplexer, including the dual-band hybrid couplers, the filters and
the access lines, is depicted in Figure 4.18a.

The simulated and measured transmission coefficients between the different ports
of the diplexer are depicted in Figure 4.18b and c. The simulated and experimental
data are in good agreement, laying the receiver and transmitter frequencies within
the desired GSM frequency bands. Concerning dimensions, the side length of the
hybrids is as small as λ/7, λ being the guided wavelength at the lower frequency band
(which is the limiting one in terms of size). Thanks to the small size of the hybrids,
plus the miniature spirals used as rejection filters, the overall dimensions of the
proposed prototype dual-band diplexer are small.

FIGURE 4.16 (Continued ) the 35.35Ω impedance inverters (lines between ports 1–2 and
3–4), the dimensions are internal radius r = 7.53 mm, ring width c = 0.42 mm, separation
between rings d = 0.55 mm, width of the host line W = 1.00 mm, gap separation s = 0.27 mm,
and gap width Wg = 2.77 mm. For the 50Ω impedance inverters (lines between ports 1–4
and 2–3) r = 8.27 mm, c = 0.46 mm, d = 0.60 mm, W = 0.46 mm, s = 0.27 mm, and Wg =
3.77 mm. The device was fabricated on the Rogers RO3010 substrate with thickness h =
0.635 mm and dielectric constant εr = 10.2. Reprinted with permission from Ref. [31];
copyright 2008 IEEE.
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FIGURE 4.17 Schematic diagram of the dual-band diplexer.
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4.2.2.3 Quad-Band Devices based on Extended CRLH Transmission Lines The
order-4 CRLH transmission line T-circuit model depicted in Figure 3.25c (also known
as extended CRLH—E-CRLH—line) is useful for the implementation of quad-band
components based on quarter wavelength transmission lines. For multiband function-
ality Equations 4.28 can be generalized as

χs ωnð Þ= −1ð ÞnZA ð4:37aÞ

χp ωnð Þ= −1ð Þn+1ZA ð4:37bÞ

where n is the frequency index (i.e., n = 1, 2, 3, 4 for a quad-band device). In (4.37), it
has been assumed that the characteristic impedance of the quarter wavelength
transmission lines is identical at all the operating frequencies and given by ZA.
For quad-band functionality, expressions (4.37) provide eight equations that univo-
cally determine the eight independent reactive elements of the circuit model of
Figure 3.25c.

For the synthesis of the extended CRLH line model of Figure 3.25c in fully planar
technology, both CPW [34] and microstrip [35] host lines have been considered.
Let us consider the implementation of a quad-band impedance inverter at the GSM
( f1 = 0.9 GHz, f4 = 1.8 GHz) and GPS ( f2 = 1.17 GHz, f3 = 1.57 GHz) frequency
bands in CPW technology by using OSRRs and OCSRRs. The characteristic imped-
ance is forced to be ZA = 35.35Ω at these frequencies in order to subsequently imple-
ment a quad-band Y-junction power divider. The electrical length of the structure is
set to −90� (LH bands) at the odd frequencies and to +90� (RH bands) at the even
frequencies. The values of the circuit model corresponding to Figure 3.25c that satisfy
these conditions are Lhs = 22.458 nH, Chs = 0.766 pF, Lhp = 0.883 nH, Chp = 14.06 pF,
Lvs = 8.785 nH, Cvs = 1.414 pF, Lvp = 1.915 nH, and Cvp = 8.986 pF. With these line
parameters and frequencies, the resulting reactive element values are reasonable
for their implementation by means of OSRRs or OCSRRs, with exception of the par-
allel resonators of the series branch, that are realized by parallel connecting a capac-
itive patch and a meander inductor (the topology of the final quad-band impedance
inverter is depicted in Fig. 4.19a).

To a first-order approximation, the structure of Figure 4.19a can be described by
the canonical order-4 E-CRLH model shown in Figure 3.25c. However, for an
accurate description, line parasitics must be taken into account, as it was done
in Section “Dual-Band Devices Based on Fully Planar CRLH Lines” for the
description of dual-band impedance inverters implemented by means of OSRRs
and OCSRRs. Thus, a more accurate circuit model of the quad-band CRLH line
of Figure 4.19a is depicted in Figure 4.19b. For the determination of the layout,
a procedure similar to that reported in Section “Dual-Band Devices Based on Fully
Planar CRLH Lines” in reference to dual-band CRLH lines is applied. Once the
element values of the canonical circuit model (Fig. 3.25c) are known, the layout
of each section is determined so that the element parameters (inferred from curve
fitting) of the resonators coincide with those of the E-CRLH model of
Figure 3.25c. This procedure also provides the values of the parasitic elements.

246 METAMATERIAL TRANSMISSION LINES



(b)

(a)

W

a b

l
L

2Lhp

Lvs Lvp Cvp

Cvs

Lhs/2

Chp/2

2Chs

C1 C2

L

G
Vias

(c)

Frequency (GHz)

C
h
ar

ac
te

ri
st

ic

im
p
ed

an
ce

 (
Ω

)

Frequency (GHz)

Frequency (GHz)

0.9

0.8 1.0 1.2 1.4 1.6 1.8

–40

–30

–20

–10

0 180

90

0

–90

–180
0.6 0.9 1.2 1.5 1.81.2 1.5 1.8

90

75

60

45

30

15

0

S 2
1
 (

d
B

),
 S

1
1
 (

d
B

)

S 2
1
 p

h
as

e 
(°

)

(d)

(e)

S11

S21

Circuit simulation

EM simulation

Circuit simulation

EM simulation

Circuit simulation

EM simulation

FIGURE 4.19 Topology (a), circuit models of the series and shunt branches including
parasitics (b), magnitude of the frequency response (c), phase response (d), and characteristic
impedance (e) of the designed quad-band CPW impedance inverter. The dimensions are



The next step is to tune the resonator values in the circuit model of Figure 4.19b
until the required values of impedance and phase at the operating frequencies are
obtained (this is simple and fast because this is done at the circuit level). Finally,
the topology of the different resonators is modified at the layout level in order to fit
the EM simulation of each section of the structure to the circuit simulation. This is
simple because the variation of the element values in the tuning procedure of the
previous step gives us the guide to modify the geometry of the different resonators
(tuning the layout does not affect substantially the effects of the parasitics). With
this procedure, the layout of the whole structure that provides the required values
of characteristic impedance and phase at the operating frequencies is directly
obtained (additional tuning or optimization is not required). The layout of the
quad-band impedance inverter obtained by this procedure is the one depicted
in Figure 4.19a. The electrical size of the device is 0.105λ × 0.074λ, λ being the
guided wavelength at the lower frequency band (900 MHz), and the considered
substrate is the Rogers RO3010 with thickness h = 0.254 mm, and measured
dielectric constant εr = 11.2.

The simulated S-parameters of the designed impedance inverter, using port
impedances of 35.35Ω, are depicted in Figure 4.19c. Both the EM (without losses)
and circuit simulation are included in the figure. The simulated phase response and
characteristic impedance of the designed quad-band impedance inverter are
depicted in Figure 4.19d and e, respectively. The agreement between the EM
and circuit simulation is good, and the required functionality of the impedance
inverter is achieved at the whole operating frequencies to a good approximation.
This validates the model of the quad-band CRLH structure implemented by means
of OSRRs and OCSRR in CPW technology that includes parasitic elements
(Fig. 4.19b).

In order to implement a Y-junction power divider, two 50Ω access lines are
cascaded to the output port of the impedance inverter and a 50 Ω access line is
cascaded to the input port. The fabricated quad-band power divider is shown
in Figure 4.20. The simulated and measured power division and matching,
also depicted in the figure, indicate that the desired functionality at the design
frequencies is achieved, with a matching level better than −10 dB at the whole
frequencies.

FIGURE 4.19 (Continued ) W = 4.5 mm, G = 0.524mm, and b = 3mm. The width and
separation of all the meanders is of 0.2 mm, a = 2.8 mm, and l = 22.5 mm; for the series
connected OSRRs, rext = 2.6 mm, c = 0.2 mm, and d = 0.15 mm; for the shunt connected
OSRR, rext = 2.5 mm, c = 0.2 mm, and d = 0.2 mm; for the OCSRR, rext = 1.4 mm, c = 0.2
mm, and d = 0.6 mm. rext, c, and d are the external radius, width, and separation of the rings,
respectively. The element values corresponding to the circuit model shown in (b) are Lhs =
21 nH, Chs = 0.775 pF, Lhp = 0.88 nH, Chp = 13.96 pF, Lvs = 8.8 nH, Cvs = 1.41 pF, Lvp = 1.95 nH,
Cvp = 8.3 pF, C1 = 0.41 pF, C2 = 0.22 pF, and L = 0.4 nH. Notice that the phase of S21
exhibits opposite sign to the electrical length. Reprinted with permission from Ref. [34];
copyright 2010 IEEE.
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The implementation of fully planar quad-band CRLH transmission lines in micro-
strip technology is reported in Ref. [35], and applied to the design of power splitters
and branch-line hybrid couplers. However, in microstrip technology the series-
connected OSRRs can no longer be described by a simple model (as it was shown
in Chapter 3). Moreover, the typical required values of resonator inductances and
capacitances further limit the implementation of such resonators by means of OSRRs
and OCSRRs, as compared to CPW technology. Thus, the microstrip quad-band
CRLH lines of Ref. [35] are implemented through a combination of OCSRRs (for
the parallel resonator of the shunt branch), meander inductors, patch capacitances
and interdigital capacitances. The quad-band power divider reported in Ref. [35]
exhibits comparable performance to that of Figure 4.20. The quad-band branch line
hybrid coupler also reported in Ref. [35] is a complex structure with tiny details at the
layout level. Thus, losses degrade somehow device performance, especially at
the third operating frequency, where the insertion loss is substantially higher than
the ideal value (3 dB). Nevertheless, the measured matching, isolation, and phase
balance are reasonable considering the complexity of the circuit layout (see Ref.
[35] for further details).
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FIGURE 4.20 Photograph of the fabricated quad-band Y-junction power divider implemented
by means of the inverter of Figure 4.19 (a), and simulated and measured power division and
matching (b). Reprinted with permission from Ref. [34]; copyright 2010 IEEE.
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Fully planar order-4 E-CRLH microstrip lines were also reported in Ref. [36], but
the agreement between the circuit model and the EM response of the designed struc-
ture is very limited. On the other hand, quad-band Wilkinson power dividers have
been implemented in microstrip technology by combining semilumped and lumped
elements [37]. It is also remarkable that order-4 CRLH lines can also be applied to
the implementation of triband components. However, in this case there is an excess
of elements, and such triband components are preferably implemented by means of
order-3 CRLH transmission lines, such as the double-Lorentz metamaterial transmis-
sion line reported in Ref. [38].

To end this subsection, it is important to clarify that dual-band and multiband com-
ponents are not exclusive products of CRLH transmission lines. There are many other
approaches that either exploit transmission line loading (this also enhances the
number of parameters of the constitutive transmission lines) or make use of complex
structures combining transmission line and stubs in order to satisfy the required func-
tionality at several frequencies simultaneously. In many of the reported multiband
devices, the performance is very satisfactory, but device dimensions are usually rel-
atively large, as compared to the typical dimensions resulting by applying the CRLH
transmission line concept. As illustrative examples of dual-band components based on
other approaches, the author suggests the papers [39, 40] and references therein (a
complete list would be too large for inclusion in this book).

4.2.3 Filters and Diplexers

Metamaterial transmission lines exhibit pass bands and stop bands, and therefore they
are filtering structures by nature. The purpose of this subsection is to present some of
the main approaches for the implementation of different type of filters (narrowband,
wideband, etc.) and filter responses (stopband, bandpass, lowpass, and highpass),
including those strategies that lead to small filter size and spurious suppression.
Several examples will be reported, including narrow and wideband filters, microwave
diplexers, and multifunctional filters, among others. It is impossible to provide a wide
overview of metamaterial-based filters in this subsection. Therefore, an extensive list
of references on this topic is provided. This includes a review paper [41], where some
of the approaches reported here are succinctly considered. The topic of tunable and
reconfigurable filters will be studied in Chapter 5, devoted to reconfigurable, tunable,
and nonlinear artificial transmission lines.

4.2.3.1 Stopband Filters based on SRR- and CSRR-Loaded Lines16 Stopband
filters are of interest in RF/microwave engineering for the suppression of undesired
responses or interfering signals. As it was studied in Chapter 3, SRR-loaded CPWs
and CSRR-loaded microstrip lines are single negative artificial transmission lines

16 The filters reported in this subsection are indeed based on transmission lines with metamaterial loading.
Namely, the functionality of these filters is based on a resonance phenomenon (rather than on dispersion
and impedance engineering), and the considered structures are not based on CRLH lines. However, such filters
are included here (rather than in Section 4.3) for thematic coherence. This also applies to Section 4.2.3.2.
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able to inhibit signal propagation in the vicinity of particle resonance. In periodic
structures, strong rejection can be achieved if a sufficient number of cascaded reso-
nators is considered. However, the typical rejection bandwidths of these filtering
structures are small due to the typical quality factors of SRRs and CSRRs. Bandwidth
can be enhanced by cascading tightly coupled SRRs or CSRRs, as it was discussed
in Chapter 3. However this approach is not very effective since the coupling level is
limited in practice. To overcome this limitation, we may take advantage of the high
reflectivity of the considered particles, and cascade several resonators tuned at
slightly different frequencies over the frequency band of interest. The resulting non-
periodic structures may provide wide stop bands if the number of cascaded resonators
is high enough.

Frequency tuning can be achieved either by scaling up (or down) the dimensions of
the SRRs (or CSRRs) or by increasing (or decreasing) their radius. This approach has
been driven to practice in microstrip and CPW technology using CSRRs and SRRs
[42–44]. As illustrative examples, two stopband filters are reported. The first one
is a multiple tuned SRR-loaded CPW stopband filter with five SRR pairs
(Fig. 4.21). Tuning was implemented by increasing the inner radius of the SRRs in
0.05 mm step increments and leaving unaltered c and d (as compared to the SRR
geometry of Fig 3.31). The simulated and measured frequency responses (also
depicted in Fig. 4.21) show that the rejected band broadens toward lower frequencies.
This is expected since an increment of r has the effect of decreasing the resonant fre-
quency of SRRs. The second example is a multiple tuned CSRR-loaded microstrip
line (Fig. 4.22), where rectangular-shaped resonators are etched in the ground plane
(they can also be etched in the central strip [45]). The measured frequency response of
this structure, which is also depicted in Figure 4.22, reveals that rejection above 20 dB
can be achieved within a 25% fractional bandwidth.

4.2.3.2 Spurious Suppression in Distributed Filters The filtering structures of the
previous subsection can be applied to the elimination of spurious bands in distributed
filters. Such undesired bands can seriously degrade filter performance, and may be
critical in several applications where high rejection bandwidths are required. For
instance, in parallel-coupled line bandpass filters, the first spurious band appears at
twice the filter central frequency as consequence of the different phase velocities
of the even and odd modes of the coupled-line sections. The rejection of spurious
bands has been a subject of interest in microwave engineering for years. Specifically,
in coupled line filters, several approaches based on modified structures, aimed to
obtain equal modal phase velocities, have been proposed as a means to improve
the out-of-band filter performance [46–49]. It was also reported in Chapter 2 that
EBG-based structures embedded in the coupled line sections efficiently suppress
the spurious bands in coupled line bandpass filters. This approach is very effective
and can be applied to many other filter types (see, e.g., the filter depicted in Fig. 2.36).
However, EBG structures scale with frequency and may be excessively large for the
suppression of spurious bands in compact planar filters.

An alternative approach for the elimination of spurious frequency bands in distrib-
uted filters is the use of SRRs or CSRRs. Their small electrical size, rejection
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efficiency, and versatility (stopband filters based on these particles have been demon-
strated in both microstrip and CPW technology [42–44]) make these resonant ele-
ments very attractive to achieve effective spurious suppression with minimum area
increase. As occurs with EBGs, the main advantage of the approach is the fact that
SRRs and CSRRs can be embedded within the filter active region. Namely, it is
not necessary to cascade the SRRs or the CSRRs at the input or output access lines
(as it was done in the first reported structure using this concept [50]). This represents
an optimum design in terms of area saving. To illustrate the efficiency of SRRs
and CSRRs for the elimination of spurious bands and its versatility, a parallel coupled
line bandpass filter implemented in microstrip technology is reported [44]. The
layout of the device, a third-order Butterworth bandpass filter with a central frequency
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FIGURE 4.21 Layout (a), simulated (thin line) and measured (bold line) frequency responses
(b) of the multituned SRR-based CPW stopband filter. The length of the active region is 4 cm.
The dimensions of the smallest SRRs are c = d = 0.2 mm and internal radius r = 1.3 mm. For the
other SRRs, r was incremented in 0.05 mm steps, whilst c and d were left unaltered. The
structure was fabricated on the Arlon 250-LX-0193-43-11 substrate (εr = 2.43, thickness h =
0.49 mm). Reprinted with permission from Ref. [42]; copyright 2003 IEEE.
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of fo = 2.4 GHz and 10% fractional bandwidth, is depicted in Figure 4.23. Rectangular
SRRs are etched adjacent to the coupled lines in order to reject the first and second
spurious bands. The multiple tuning procedure explained in the previous sub-
section was used. The smaller rings (etched in the central stages) are responsible
for the rejection of the second spurious band, whereas the first undesired band is
rejected by the action of the larger SRRs, which are allocated in the first and forth
filter stages. The simulated and measured frequency responses of this device are also
represented in Figure 4.23. In comparison to the conventional filter, the first spurious
band is rejected with attenuation levels near 40 dB, while insertion losses in the sec-
ond band are clearly above 20 dB. This efficiency can be attributed to the significant
number of SRRs pairs distributed along the device, which is possible by virtue of their
small electrical size. It is also worth mentioning that the use of square or rectangular-
shaped SRRs enhances the coupling between line and rings, and this allows for further
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FIGURE 4.22 Microstrip line with square-shaped CSRR etched in the ground plane (a) and
measured frequency response (b). c = d = 0.4 mm while the external edges of the CSRRs
were tuned in the vicinity of 9.4 mm × 5.8 mm. The structure was fabricated on the Rogers
RO3010 substrate (εr = 10.2, h = 1.27 mm). Reprinted with permission from Ref. [44];
copyright 2005 IEEE.
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FIGURE 4.23 (a) Coupled-line microstrip bandpass filter loaded with SRRs for spurious
suppression, (b) simulated frequency response compared to that obtained in the device
without SRRs, and (c) measured frequency responses. The device was fabricated on the
Rogers RO3010 substrate (thickness h = 1.27 mm, dielectric constant εr = 10.2). Reprinted
with permission from Ref. [44]; copyright 2005 IEEE.



rejection levels, as compared to circular SRRs. This strategy has also been applied
(using CSRRs) to the elimination of spurious bands in CPW coupled line bandpass
filters [44] and stepped impedance lowpass filters [51].

4.2.3.3 Narrow Band Bandpass Filters and Diplexers Based on Alternate Right-/
Left-Handed Unit Cells The SRR/strip-loaded CPW transmission lines and the
CSRR/gap-loaded microstrip CRLH transmission lines discussed in Chapter 3 can
be used for the implementation of compact bandpass filters. By balancing these lines,
filters with wide bands result, as will be discussed later. Conversely, if these structures
are unbalanced the first, and narrow, LH band can in principle be exploited for narrow
band filtering applications. The presence of a transmission zero to the left of the LH
band provides good frequency selectivity at the lower edge of the transmission band.
However, the frequency selectivity at the upper stop band is poor. To overcome this
limitation, one strategy is to combine the LH structures based on SRRs or CSRRs with
RH cells (also based on SRRs or CSRRs), the latter exhibiting a transmission zero
above the RH band. Obviously, it is necessary to tune the cells in order to exhibit
the same transmission band. This approach has been demonstrated to be useful for
the implementation of very compact narrow band bandpass filters and diplexers in
CPW and microstrip technology [52–56].

In CPW technology, an RH transmission band with a transmission zero to the right
of this band can be achieved by combing the pairs of SRRs with series gaps. The
equivalent circuit model of such cell is depicted in Figure 4.24a. According to this
model, signal transmission occurs in that frequency region where the reactance of
the series branch is positive (inductive), and this takes place in a narrow band before
the resonance frequency of the SRRs (transmission zero frequency).

In microstrip technology, narrow RH transmission bands are expected in structures
where the CSRRs are combined with shunt connected inductors. According to
the model of this RH cell (Fig. 4.24b), the shunt reactance must be negative (capac-
itive) in the transmission bands, and this occurs to the left of the transmission zero
frequency.

As illustrative examples of this alternate right-/left-handed (ARLH) approach, a
narrow band CPW bandpass filter at S-band and a microstrip diplexer are reported.

Lʹ

Csʹ

LsʹC/4 C/4

Cg/2
L/2

Cc

Lc

L/2

Lp
C

(a) (b)

FIGURE 4.24 Lumped-element equivalent circuit for the SRR/gap-loaded CPW (a) and
CSRR/strip-loaded microstrip line. Cg is the capacitance of the series gap and Lp is the
inductance of the grounded strip. In (a), the magnetic wall concept is applied.
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The S-band filter [55], inspired by the first implementation of the ARLH concept [52],
was designed by cascading two unit cells: an LH SRR/strip and an RH SRR/gap
combination (Fig. 4.25). The central filter frequency is fo= 2.4 GHz. Filter length
(active region) is as small as 22.5 mm, that is, five times smaller than the wavelength
at fo. The frequency response of the filter exhibits good frequency selectivity by virtue
of the transmission zeros present at both sides of the pass band. The measured average
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FIGURE 4.25 (a) Layout of the S-band filter based on the ARLH concept. The dimensions
of the SRRs pairs corresponding to the strip and gap stages are r = 5.2mm, c = 0.44mm,
d = 0.22 mm, and r = 4.1mm, c = d = 0.55mm, respectively. Strip and gap dimensions have
been set to ww =2.8mm and lg = 6.6mm, respectively. The host CPW is a 50Ω line with a
wide strip (W = 10mm) in order to accommodate the rings. Since the separation between
ground planes is wider than the dimensions of the connectors in use, it was necessary to
cascade taper transitions at the input and output ports to allow for connectors insertion. The
length of the active device region is 22.5 mm. The considered substrate is the Arlon 250-LX-
0193-43-11 with dielectric constant εr = 2.43, and thickness h = 0.49mm. (b) Layout of a
conventional microstrip parallel-coupled line bandpass filter with comparable performance,
drawn to scale. (c) Simulated frequency response for the S-band filter compared to that of the
coupled line bandpass filter (insertion loss in gray line). (d) Measured frequency response of
the S-band filter. Reprinted with permission from Ref. [55]; copyright 2005 John Wiley.
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slope of the upper and lower transition bands is 150 dB/GHz and 125 dB/GHz, respec-
tively. A conventional coupled line bandpass filter (in microstrip technology) exhibit-
ing similar central frequency, bandwidth, and selectivity is also depicted in
Figure 4.25 for comparison purposes. The active region of the coupled line bandpass
filter is substantially longer (63.6 mm). Thus, the ARLH transmission line concept has
been revealed to be an efficient approach for size reduction in narrow band bandpass
filter. Limitations of this approach are the difficulty in controlling bandwidth and
selectivity, and the sensitivity of the filter response with SRR dimensions (it was
found that variations of the SRR geometry due to fabrication related tolerances
degrade in-band losses).

For the implementation of the microwave diplexer an Rx and a Tx filter is required.
The configuration of the considered diplexer is shown in Figure 4.26, where the Rx
and Tx filters are cascaded at the output ports of a Y-junction. The main relevant para-
meters representative of diplexer performance are in-band looses for the Tx and Rx
channels (which should be as small as possible) and Rx/Tx isolation (which should be
high to avoid interfering signals between the Rx and Tx channels). A prototype device
operative in the 2.4–3.0 GHz frequency band is depicted in Figure 4.27a [56]. The Tx
and Rx filters (implemented by means of CSRR-based ARLHmicrostrip lines17) have
been designed to provide pass bands centered at 2.4 and 3.0 GHz, respectively, with
absolute bandwidths of 0.25 GHz (namely 10.3% and 8% fractional bandwidths for
transmission and reception). Figure 4.27b depicts the measured transmission coeffi-
cient for the Tx and Rx filters (i.e., S21 and S31, respectively), as well as the measured
Rx/Tx isolation (S32). In-band losses lower than 2 dB are measured for each filter,
while return losses (also represented in Fig. 4.27b) are better than 10 dB. The fre-
quency response of the filters is quite symmetric and the measured isolation between
ports 2 and 3 is in the vicinity of 40 dB. Remarkable are also the dimensions of the
diplexer (see the region indicated in Fig. 4.27a), which are as small as 29.8 mm ×
16.3 mm (namely 0.63λ × 0.34λ, λ being the signal wavelength at the Tx frequency)
thanks to the compact resonators employed (more details on diplexer design are given
in Ref. [56]).

Port 3

Port 2

Port 1

Rx filter (3.0 GHz)

Tx filter (2.4 GHz)

FIGURE 4.26 Structure of the diplexer.

17 Notice that in the RH sections of the Rx and Tx filters, two CSRRs are used. The reason is the moderate
bandwidth required for each filter. To achieve such bandwidths, it is necessary to implement unit cells also
with moderate bandwidths. For the forward sections, this is more easily achieved by using two CSRRs,
rather than only one, as it was pointed out in Ref. [53].
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4.2.3.4 Compact Bandpass Filters based on the Hybrid Approach Although the
filters based on the ARLH transmission line concept are electrically small and provide
moderate or narrow bands with symmetric responses and high selectivity, the control-
lability of the filter response is not simple. In this subsection, a methodology for the
design of moderate and narrow band bandpass filters subjected to specifications (with
the possibility to synthesize standard filter responses such as Butterworth and
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FIGURE 4.27 (a) Topology of the fabricated ARLH microstrip diplexer and (b) measured
frequency response. The upper metal level is depicted in gray, whereas the lower metal is
drawn in black. Gap spacing is 1.33 mm and 1.67 mm for the Rx and Tx filters respectively,
whereas shunt strip dimensions are 4.54 mm × 11.9 mm and 5.70 mm × 14.48 mm. External
CSRR radius are 2.18 mm, 2.73 mm, 2.56 mm, and 3.27 mm for the Rx (first stage),
Rx (second stage), Tx (first stage), and Tx (second stage), respectively. The shunt strips are
grounded through vias. The structure was implemented on the Rogers RO3010 substrate
(thickness h = 1.27 mm, dielectric constant εr = 10.2). Reprinted with permission from
Ref. [56]; copyright 2005 IET.
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Chebyshev18) is presented [57]. Such filters are based on the hybrid model of
metamaterial transmission lines presented in Chapter 3. Since these structures can
be designed to exhibit a transmission zero above the first LH band, the out-of-band
performance of the filters can be improved through the suppression of undesired
harmonic bands.

Design Methodology The microstrip filters proposed in this subsection are planar
structures that can be modeled by the circuit of Figure 4.28a, which consists of a
cascade of admittance inverters (with normalized admittance �J = 1) alternating with
shunt connected resonators tuned at the central frequency of the filter band, fo [33,
58]. This circuit is inferred from the lowpass filter prototype by the well-known fre-
quency and element transformations that can be found in any microwave textbook
[59] or in books devoted to microwave filters [33, 58].19 By properly designing
the shunt resonators, the synthesis of standard frequency approximations is potentially
possible. Actually, the transformation from the lowpass filter prototype leads to the
structure of Figure 4.28b, with parallel LC resonant tanks. Thus, as long as resonator’s
admittances fit to those of the LC tanks (which depend on the L and C values inferred
from circuit transformation), the targeted approximation (Butterworth, Chebyshev,
etc.) can be achieved in the vicinity of resonance.

The elemental cell and circuit model of the proposed filters is depicted in
Figure 3.60. Following Ref. [57], in the present study the series inductance of the line,
L, is neglected since it is assumed that the region of interest lies in that frequency band
where the series reactance is capacitive. The design methodology of the filters is a
two-step process: first, the electrical parameters of the equivalent circuit model for
each filter section (provided the filter is not periodic) are determined from specifica-
tions (central frequency, fractional bandwidth and filter order); then, the layout of the
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2
(ω) Bn(ω)J=1 J = 1 J = 1 J = 1

J = 1 J = 1 J = 1 J = 1

Y0

Y0
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Yn+1L1 C1 L2 LnC2 Cn

FIGURE 4.28 Generalized bandpass filter network with admittance inverters and shunt
resonators (a). In (b), the resonators are LC resonant tanks.

18 For that purpose, periodicity must be generally sacrificed.
19 Alternatively, bandpass filters can be synthesized by alternating impedance inverters and series-
connected resonators.
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structure is synthesized. Let us consider the first aspect. In the circuit of Figure 4.28b,
the filter central frequency, fo, is determined by the resonance frequency of the shunt
LC tanks, which nulls their admittance. However, this is not exactly the case for the
filter implemented by cascading the elemental cells depicted in Figure 3.60, since re-
sonators and admittance inverters are intermixed. Specifically, neither fo coincides
with the intrinsic resonance of CSRRs, nor it nulls the admittance of the shunt branch,
Yp ωð Þ = Z −1

p ωð Þ. Nevertheless, at fo the phase shift and transmission coefficient
between the input and output ports of the basic cell should be ϕ = −90� (corresponding
to backwardwave propagation) and |S21| = 1, respectively. Thismeans that at fo the char-
acteristic impedance, ZB, should coincide with the reference impedance of the ports,
which is usually set to Zo = 50Ω. Thus, the series and shunt reactances of the T-circuit
model of Figure 3.60 must satisfy: Zs(ωo) = −jZo and Zp(ωo) = jZo. Actually, the dual
solution (Zs(ωo) = jZo and Zp(ωo) = −jZo) satisfies also the previous conditions on phase
shift and impedance matching, but this solution is not compatible with the circuit of
Figure 3.60 if L is neglected (i.e., with LH wave propagation). The above condition
for Zs and Zp does not univocally determine the element values of the shunt impedance.
These values are also determined by the 3 dB bandwidth of the resonators,

Δ=
ω2−ω1

ωo
ð4:38Þ

(where ωo, ω1, and ω2 are the central—angular—frequency and 3 dB frequencies,
respectively), and by the transmission zero, which occurs at that frequency where
the shunt impedance reduces to zero (expression 3.86)

For a LC parallel resonant tank, with inductance and capacitance Leq and Ceq,
respectively, we have

Δ =
2
Zo

ffiffiffiffiffiffiffi
Leq
Ceq

s
ð4:39Þ

Ifwe consider the filter structure of Figure 4.28b, where the L andC values come from
the lowpass filter prototype by frequency and element transformation according to [33]

Ceq =
1

FWB�ωo�Zo

� 	
gi ð4:40Þ

Leq =
1

ω2
oCeq

ð4:41Þ

and (4.40) and (4.41) are introduced in (4.39), the following expression for resonator
bandwidths results:

Δi =
2FBW
gi

ð4:42Þ
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where gi’s are the element values of the lowpass filter prototype (which
depend on the specific filter approximation and can be inferred from published
tables) and Δi is the 3 dB bandwidth of the resonators. According to expression
(4.42), Δi is proportional to the fractional bandwidth, FBW, and hence it is
determined from the required filter bandwidth. Obviously, Δi is also dependent
on gi and it is therefore determined by the type of response and order. Once Δi

are known, we can force the frequencies ω1 and ω2 to be equidistant from the
central filter frequency. At these frequencies, under the assumption that Zs(ω)
does not substantially vary along the pass band, the shunt impedance of
the unit cell satisfies: Zp(ω1) = jZo/2 and Zp(ω2) =∞. These conditions plus
Zp(ωo) = jZo give

LdLcω3
1 C +Ccð Þ−Ldω1

Lcω2
1 C +Ccð Þ−Cω2

1Ld LcCcω2
1−1

� �
−1

=
Zo
2

ð4:43Þ

Lcω
2
2 C +Ccð Þ−Cω2

2Ld LcCcω
2
2−1

� �
−1 = 0 ð4:44Þ

LdLcω3
o C +Ccð Þ−Ldωo

Lcω2
o C +Ccð Þ−Cω2

oLd LcCcω2
o−1

� �
−1

= Zo ð4:45Þ

The previous approximation (which is valid for narrow and moderate band-
widths) leads us to simple analytical expressions (Eqs. 4.43 and 4.44). If this
approximation is not applied, then the conditions arising from the 3 dB frequen-
cies are not mathematically simple. Solution of Eqs. (3.86) and (4.43)–(4.45)
leads us to the parameters of the shunt reactance, while the series capacitance
is given by

Cg =
1

2Zoωo
ð4:46Þ

The criterion to set the transmission zero frequency, fz, obeys to a compromise
between the need to obtain a sharp transition in the upper band edge, and the con-
venience to far the spurious responses as much as possible, and thus optimize the
out-of-band performance of the filter. Namely, a narrow spurious band above the pass
band of interest arises. By adjusting fz, this spurious can be minimized, and the filter
frequency response can be significantly improved. Since the position of the spurious is
not known a priori, the transmission zero frequency is tentatively set to fz = 2fo.

20

From the previous equations, the parameters of Figure 3.60b are inferred (except L,

20 There is not a physical reason that justifies this choice. However, in practice, the spurious band lies in the
vicinity of the first harmonic of the filter central frequency. This has been corroborated from several
examples.
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which is neglected, as mentioned before), and the topology of each filter cell
(Fig. 3.60a) can be obtained.

For the synthesis of the layout, the method reported in Appendix H cannot be
applied (this is of application in CSRR/gap-loaded lines but not in hybrid unit
cells). Nevertheless, the model described in Ref. [60] can be used to obtain an initial
guess for CSRR dimensions (the validity of the model is subjected to conditions
that do not exactly apply in the considered filter cells [60]). The coupling capaci-
tance, C, can be adjusted by partially removing the metal delimited by the CSRR
contour. The length and width of the grounded metal strips (stubs) can be deter-
mined from independent full-wave EM simulations carried out in microstrip trans-
mission lines loaded with these elements, or by using standard formulas [59].
A similar procedure can be used to determine the geometry of the series capaci-
tances. From this initial layout, the frequency response of the complete filter is then
simulated by means of a full wave EM solver, thus being visible the position of the
spurious band. To eliminate this band, fz is adjusted, and the model parameters are
then recalculated. To determine the final layout, cell dimensions should be adjusted
(starting from the seeding topology) in order to fit the electrical response obtained
from the latter model parameters as much as possible. In practice, this is simple
since cell bandwidth is mainly controlled by Ld and C (provided fz and fo are distant
enough). Therefore, stub dimensions and the etched area inside the CSRRs can be
adjusted to match to the required bandwidth, while the transmission zero frequency
can be tailored by scaling CSRR dimensions. The parameter extraction method for
CSRR-based lines, conveniently modified, can also be of help for the synthesis of
the circuit layout.

Illustrative Examples Let us now consider the design of a bandpass filter with mod-
erate bandwidth following this approach. In this example, a periodic structure is con-
sidered, although periodicity is not a necessary condition. The specifications are order
3, central frequency fo = 1 GHz and fractional bandwidth FBW= 10%. This filter does
not obey any standard approximation; therefore, we cannot directly determine gi from
table values, as usual. Obviously, due to periodicity, all resonators must have the same
Δ and, accordingly, the same g. To obtain the value of g, an order-3 lowpass filter
prototype with identical element values has been considered, and it has been forced
to exhibit the 3 dB cutoff at the normalizedω = 1 rad/s angular frequency. From this, it
is obtained g = 1.521; hence, the 3 dB bandwidth of the resonators, Δ, is perfectly
determined. From the previously explained procedure, the element values of the
equivalent circuit model were obtained. They are identical for the three filter cells
and are depicted in Table 4.2. Layout dimensions for the basic cell are indicated in

TABLE 4.2 Element values of the equivalent circuit model
for the filter of Figure 4.30

Cg(pF) Ld(nH) C(pF) Cc(pF) Lc(nH)

1.59 1.33 12.33 21.7 0.23
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Figure 4.29 (the parameters of the Rogers RO3010 substrate with thickness h = 1.27
mm and dielectric constant εr = 10.2 have been used).

The EM simulation of the frequency response (amplitude and phase) of the sin-
gle-cell structure is represented in Figure 4.29 and compared to that obtained from
the circuit simulation (insertion loss only) of the equivalent circuit model (with the
parameters indicated in Table 4.2). Reasonable agreement between the circuit and
EM simulations is obtained. The simulated and measured insertion and return loss
for the fabricated three-stage filter are depicted in Figure 4.30. Thanks to the trans-
mission zero, the frequency response is spurious free up to approximately 3fo.
In-band insertion and return losses are good (i.e., IL < 1.5 dB and RL > 17 dB)
and frequency selectivity at both band edges is high, with near symmetric transition
bands. The measured fractional bandwidth is FBW = 8%, which coincides to a good
approximation with the nominal value. Cell dimensions (length) are small as com-
pared to signal wavelength at fo (i.e., lc ~ λ/7). Further miniaturization can be
achieved with the penalty of critical (smaller) dimensions being closer to the limits
imposed by the fabrication technology (typically ≈ 100 μm). To avoid problems
related to fabrication tolerances, critical dimensions substantially larger than
100 μm were considered in this design, with the result of a moderately small cell
size. In Figure 4.30b, the simulated frequency response (insertion loss) obtained
on a conventional microstrip coupled line bandpass filter with similar performance
is also included (layout comparison is shown in the inset of Fig 4.30b). As compared
to the conventional response, where a spurious band is present at 2fo, the CSRR-
based prototype device filter exhibits near 40 dB rejection at that frequency, and
device length, excluding access lines, is 2.4 times shorter. This prototype device,
published in Ref. [57], was the first LH transmission line based on CSRRs (hybrid
approach) employed for the design of a bandpass filter following a methodology
able to provide the element values of the equivalent circuit model. Another
interesting example of the approach is the design of an order-3 Chebyshev (i.e.,
nonperiodic) bandpass filter with 9% fractional bandwidth, 0.3 dB ripple, centered
at fo = 2.5 GHz (see Ref. [57] for details). Following this design methodology, an
ultracompact bandpass filter at K-band, implemented in MCM-D technology,
was reported in Ref. [61].

Alternatively to the unit cell of Figure 3.60 (hybrid cell), the shunt resonators (com-
posed of the CSRRs plus the shunt inductive strip) may be coupled through quarter
wavelength transmission lines or by means of inductive elements. The design
approach, summarized in Ref. [4], is similar to that reported before and has been
applied to the design of bandpass filters with moderate bandwidths [62–64]. It is also
possible to achieve wide band filter responses by considering balanced hybrid cells, as
discussed in Ref. [65, 66]. Figure 4.31 depicts a bandpass filter based on a periodic
structure consisting of four balanced hybrid cells, and subjected to the following spe-
cifications: bandwidth covering the 4–6 GHz range or wider, at least 80 dB rejection at
2 GHz, in-band insertion losses lower than 1 dB, and group-delay variation smaller
than 1 ns. The simulated frequency response and group delay satisfy these require-
ments, although due to the critical dimensions of some geometry parameters (and fab-
rication related tolerances), the measured response exhibits higher in-band losses. It is
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FIGURE 4.29 Simulated frequency response (amplitude and phase) corresponding to the
basic filter cell of the designed filter, depicted in (b). The insertion loss obtained by circuit
simulation of the equivalent circuit model is also depicted (thin line). The positive phase
(+90�) of S21 (negative electrical length), obtained at fo, clearly points out the LH nature of
the structure. Reprinted with permission from Ref. [57]; copyright 2006 IEEE.
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FIGURE 4.30 Layout of the fabricated periodic filter (a), simulated (b), and measured
(c) insertion and return loss. Total device length excluding access lines is 4.56 cm. In (b), the
simulated insertion loss for a conventional order-3 coupled line filter with similar performance
is depicted (dashed line). Reprinted with permission from Ref. [57]; copyright 2006 IEEE.
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remarkable that the filter area is as small as 0.7 cm2. This size points out the potential
of CSRR filters based on the hybrid cell for device miniaturization.

The last example of this subsection is a multifunctional filter, namely, a wideband
filter with power splitting capability, of interest, for instance, for the front-end min-
iaturization of frequency-modulated continuous-wave ground penetrating radars
(FMCW-GPRs) [67, 68]. The schematic of such system is depicted in Figure 4.32.
The input signal to the power divider is modulated so that its frequency varies grad-
ually. The power divider splits the signal between the transmitter antenna and the local
oscillator of the receiver mixer, so that the radar signal is mixed with the signal
reflected from the target object. Its depth can be determined from the intermediate
(IF) signal frequency according to standard formulas [59]. To improve resolution
and to obtain high penetration depths, it is convenient to deal with moderately low
carrier frequencies (operation at the L-band) and wide radar frequency sweep. Thus,
power splitters with significant fractional bandwidth are necessary. Such power divi-
ders must also be able to reject the first harmonic of the radar signal within the whole
frequency sweep. For this reason, filters are also needed (notice that harmonic rejec-
tion at a single frequency, reported in several papers [69, 70], does not suffice in the
present application). In order to save space, a new power divider concept, with filter-
ing capability, was proposed in Ref. [67] (this concept is also included in the review

FIGURE 4.31 (Continued ) measured (solid line) group delay (c). The metallic parts are
depicted in black in the top layer, and in gray in the bottom layer. The dashed rectangle has
an area of 1 cm2. Dimensions are line width W = 0.126 mm, external radius of the outer
rings r = 1.68 mm, rings width c = 0.32 mm, and rings separation d = 0.19 mm; inductor
width is 0.10 mm and the distance between the metals forming the gap is 0.4 mm. The
considered substrate is the Rogers RO3010 with dielectric constant εr = 10.2 and thickness h
= 0.127 mm. Reprinted with permission from Ref. [65], copyright 2007 IEEE.
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FIGURE 4.32 Schematic of the front-end of a FMCW-GPR system that uses one transmitter
(Tx) antenna and one receiver (Rx) antenna.
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paper [68]), and reported here as an illustrative example of application of the hybrid
approach of metamaterial transmission lines. The following system requirements were
considered: frequency sweep 1—2 GHz; at least 20 dB rejection for the first har-
monic; return losses for the splitter/filter better than 10 dB; insertion losses for the
splitter/filter below 5 dB. Since the first harmonics (lower frequencies) are very close
to the upper frequency of the modulated radar signal, the whole bandwidth was cov-
ered by means of two splitter/filters: one designed to scan the 1–1.5 GHz band; the
other covering the 1.4—2 GHz frequency band. The area of both devices was required
to be smaller than 12 cm2.

The considered strategy for the implementation of the filters/splitters was to add
an inductive transformer to the output stage of a bandpass filter. By this means, the
load of the device (corresponding to the parallel connection of the two terminated
output ports, that is, R = 25Ω) can be driven to the required value to achieve
input matching (Req = 50Ω), and the filtering and splitting action are combined
in a single multifunctional device. According to this strategy, the device is indeed
a bandpass filter with modified output stage. The inductive transformer equations
are (Fig. 4.33):

Req = 1 +
L1
L2

� �2

�R ð4:47Þ

Leq = L1 + L2 ð4:48Þ

Thus, it is possible to adjust the values of L1 and L2 to obtain the required value of
the impedance Req, that is Req = 50Ω. We report here the implementation of the
splitter/filter covering the band 1–1.5 GHz. To this end, a fourth-order filter was con-
sidered, where three filter stages were implemented bymeans of a balanced hybrid cell
(similar to that of Fig. 4.31), and the additional stage was implemented by parallel
connecting an inductive stub (acting as inductive transformer) and a series resonator
(implemented by series connecting a narrow inductive strip, L3, and a capacitive
patch, C1), as depicted in Figure 4.34. This later stage, with the presence of the induc-
tive stub, is required to include the inductive transformer, which cannot be integrated
within the hybrid cell. Essentially, this fourth stage is a shunt connected parallel res-
onator. However, the additional inductance L3 series connected to the capacitor C1

provides an additional transmission zero, of interest to improve the filter stop band
response.

L2 R

L1
ReqLeq

FIGURE 4.33 Inductive transformer.
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FIGURE 4.34 Topology of the designed filter/splitter (a), and EM simulation and
measurement of the power splitting (S21, S31) and matching (S11) (b). Dimensions are
H= 32.6 mm, L = 27.3mm, Wl= 0.2 mm, c = 0.79 mm, d = 0.79mm, w = 0.16mm, rext =
8.12 mm, dg = 0.26 mm, Lc = 5.7mm, Wc = 7.7mm, LL2= 12.96mm, WL2= 0.2mm, and LL3 =
1.53mm. The device was implemented on the Rogers RO4003 substrate with thickness
h = 0.81mm and dielectric constant εr = 3.55. Notice that for better comprehension, in this
figure the CSRR, etched in the back substrate side (ground plane), is depicted in gray (the back
side metallization is not depicted). Black color corresponds to the upper metal level. Reprinted
with permission from Ref. [68]; copyright 2011 IEEE.
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The topology of the proposed filter/splitter is depicted in Figure 4.34. For design
purposes, the equivalent circuit model of the hybrid cell, as well as the elements
describing the inductive transformer and the shunt connected series resonator, were
considered. However, the structure is complex and optimization at layout level was
necessary. The EM simulation and measurement of the frequency response of the fil-
ter/splitter are depicted in Figure 4.34b. The specifications given earlier were fulfilled,
with measured insertion losses in the center frequency of the pass band (S21 = 3.8 dB
and S31 = 3.1 dB) close to the ideal value (3 dB) of a splitter, and a device area of
8.9 cm2.

4.2.3.5 Highpass Filters Based on Balanced CRLH Lines In microwave
engineering, the difference between a highpass and a bandpass filter is subtle since
highpass filters implemented in planar technology do not exhibit an unlimited
bandwidth above the cutoff frequency. Thus, microwave highpass filters are
actually bandpass filters with a very wide band and a controllable cutoff frequency
at the lower band edge. These filters can be implemented by cascading balanced
CSRR/gap-loaded lines with unit cells similar to that depicted in Figure 3.42,
by virtue of the wide band and transmission zero that such balanced cells
exhibit. Rejection below cutoff can be controlled by the number of cells, as
illustrated in Figure 4.35. This figure depicts the layout of a fabricated three-cell
highpass filter [66]. The filter exhibits a measured rejection better than 50 dB below
the cutoff frequency, and in-band insertion and return losses are good up to roughly
3 GHz.

The second reported prototype is a highpass filter implemented by means of a bal-
anced SRR/strip-loaded CPWwith three pairs of SRRs (Fig. 4.36) [71]. In this device,
designed to exhibit the transmission zero frequency at fz = 1.4 GHz, the measured
rejection in the stop band is better than 30 dB, and insertion loss in the transmission
band is good (IL < 2 dB between 1.40 and 2.48 GHz). Notice that the topology of the
host CPW was modified (as compared to the typical topologies of SRR/strip-loaded
CPWs) in order to balance the structure.

Bandpass filters with ultra wideband (UWB) responses can be designed by intro-
ducing additional elements to the balanced CSRR/gap-loaded lines able to generate a
controllable upper edge. Such structures have been applied to the design of UWB
bandpass filters covering the mask supplied by the Federal Communications Commis-
sion (FCC) [41, 72].

4.2.3.6 Wideband Filters Based on OSRRs and OCSRRs The open particles,
OSRRs and OCSRRs, are useful for the design of bandpass filters with wide fractional
bandwidths and small dimensions. Two main strategies have been reported for the
implementation of wideband filters based on these particles. One of them consists
of using series connected OSRRs or shunt connected OCSRRs coupled through
impedance inverters; the other strategy combines series OSRRs and shunt OCSRRs
in configurations similar to those corresponding to CRLH lines based on these open
resonant particles (reported in Section 3.5.2.5).
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Bandpass Filters Based on OSRRs or OCSRRs Coupled through Impedance
Inverters The idea of using OSRRs for the implementation of wideband bandpass
filters was first reported in Ref. [73], and the systematic approach for the design of
filters where such resonators are coupled through impedance inverters was reported
in Ref. [74]. The relatively large capacitance values of OSRRs are the responsible for
the wideband response of these particles, and hence for the broad achievable fractional
bandwidths. Filter design is based on the generalized bandpass filter network depicted
in Figure 4.37, where series LC resonators are coupled through impedance inverters
[33].21 As it is pointed out in Ref. [33], there are two possibilities for filter design.
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FIGURE 4.35 Layout of the microstrip highpass filter formed by three balanced CRLH
CSRR-based cells (a) and measured frequency response (b). In (b), the simulated insertion
and return losses for a two-, three-, and four-stage device filters are also depicted. The
metallic parts are depicted in black in the top layer, and in gray in the bottom layer.
Dimensions are total length l = 55 mm, line width W = 0.8 mm, external radius of the outer
rings r = 7.3 mm, rings width c = 0.4 mm, and rings separation d = 0.2 mm; the interdigital
capacitors are formed by 28 fingers separated 0.16 mm. The substrate is the Rogers RO3010
with thickness h = 1.27 mm and dielectric constant εr = 10.2. Reprinted with permission from
Ref. [66]; copyright 2007 IEEE.

21 This network is an alternative to the network depicted in Figure 4.28 for the design of bandpass filters.
However, the approach for filter design considered in this subsection is the standard approach reported in
Ref. [33], and hence different than the one reported in Section 4.2.3.4.
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FIGURE 4.36 Photograph of the CPW highpass filter implemented by means of three
CRLH SRR-based cells (a) and frequency response (b). Dimensions are external radius of
the SRRs rext = 4.68 mm, width of the rings c = 0.223mm, and rings separation d = 0.237
mm. The shunt inductance is implemented by means of a meander with width wm = 0.2 mm
and separation distance sm = 0.2 mm. The gap distance between the central strip and the
ground planes is g = 0.16mm. The substrate is the Rogers RO3010 with thickness h = 1.27mm
and measured dielectric constant εr = 11.2. Reprinted with permission from Ref. [71];
copyright 2010 IET.
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FIGURE 4.37 Generalized bandpass filter network with impedance inverters and series LC
resonators.
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In the first case, all the inverters are forced to have the same normalized impedance,
Kij = 1 (i.e., the inverters are quarter wavelength transmission lines with the usual
characteristic impedance Zo = 50Ω). In this case, the design algorithm provides dif-
ferent values of Li and Ci for each filter stage. The second option, considered in
Ref. [73, 74],22 employs the same resonator for all filter stages (therefore, the values
of Li and Ci are identical in the different filter stages) and different values of Kij for the
impedance inverters.

As an example, an order-7 microstrip bandpass filter with central frequency fo =
5 GHz, 40% fractional bandwidth and 0.01 dB ripple is reported [74] (the
considered substrate is the Rogers RO3010 with dielectric constant εr = 10.2 and
thickness h = 0.254 mm). The geometry of the OSRR was chosen to provide a
series inductance and capacitance of L = 2.99 nH and C = 0.338 pF (the effects of
the parasitics are accounted for in the impedance inverters). With these reactive
values, the impedances of the inverters that result by applying the formulas given
in Ref. [33] (un-normalized values) are: K01 = K78 = 48.6Ω, K12 = K67 = 35.7Ω,
K23 = K56 = 24.1Ω, and K34 = K45 = 22.2Ω. The determination of the length and
width of the inverters was done through optimization, by forcing 90� phase shift
for all filter stages at fo. The filter layout and the frequency response are depicted
in Figure 4.38. In-band insertion losses are very small (<1 dB), whereas the meas-
ured filter bandwidth is 36%, slightly below the nominal value as expected on
account of the limited functionality of the impedance inverters.23 Optimization
of filter size by meandering the inverters is reported in Ref. [74] through two addi-
tional examples.

Wideband bandpass filters based on OCSRRs and implemented in CPW technol-
ogy were reported for the first time in Ref. [75] (the design methodology is similar to
that corresponding to the OSRR-based filters detailed above). Notice that the wide-
band filters considered in this subsection are not based or inspired on artificial trans-
mission lines. They are simply implemented bymeans of the open versions of the SRR
or CSRR (i.e., OSRRs and OCSRRs). Nevertheless, the inclusion of these filters in
this book obeys to the fact that these filters were conceived before the OSRR/
OCSRR-based CRLH lines (discussed in Section 3.5.2.5), and they were in fact
the precursor of these artificial lines and the filters based on them, to be discussed
in the next subsection.

Bandpass Filters Based on CRLH Lines Implemented by Means of OSRRs and
OCSRRs The CRLH unit cell based on the combination of OSRRs and OCSRRs,
used in Section “Dual-Band Devices Based on Fully Planar CRLH Lines” for the

22 The reason for this choice is that the synthesis of transmission lines with a given characteristic impedance
is more simple than the synthesis of OSRRs with given values of L and C.
23 It is well known that wideband filters based on impedance inverters implemented by means of quarter-
wavelength transmission lines experience bandwidth degradation as compared to the nominal value. The
reason is that in the extremes of the transmission band, the phase of the line may be distant from the
90� requirement for inverter functionality.
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implementation of dual-band components, is described by a model that is also the
canonical circuit of an order-3 bandpass filter.24 Therefore, such structures can be
used as building blocks for wideband bandpass filter design. By sacrificing periodic-
ity, it is possible to implement higher-order filters subjected to standard responses,
such as Chebyshev or Butterworth, among others. Filter synthesis follows the same
approach considered for the synthesis of dual-band impedance inverters and the
dual-band components based on them. Therefore, it will not be repeated in this sub-
section. Let us recall, however, that synthesis requires tuning the element values of the
circuit model with the presence of parasitics in order to achieve the required response.
If the parasitics are small, and for low-order filters, this tuning can be done manually.
However, if the filter order and/or the parasitic element values increase, the manual
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FIGURE 4.38 Layout (a) and frequency response (b) of the filter based on OSRR coupled
through impedance inverters. OSRR dimensions are rext = 1.1 mm and c = d = 0.2 mm. The
gray region indicates the windows in the ground plane. Reprinted with permission from
Ref. [74]; copyright 2007 IEEE.

24Notice that by neglecting the parasitics, the circuits of Figure 3.58c, or d, are the circuit models of order-3
bandpass filters and also the circuit models of order-2 CRLH lines, where the line order indicates the number
of elements of the series and shunt branch of the CRLH line, as discussed in Chapter 3. Therefore, caution
must be taken to avoid confusion between filter order and line order (for CRLH lines).
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tuning of the structure can be complex and time-consuming. For this reason, an auto-
matic optimization routine that forces the frequency positions at theNmatching points
(N being the filter order) of the Chebyshev response (which is the considered response
in all the examples) can be implemented in a commercial circuit simulator, such as the
Agilent ADS [76]. Thus, from the matching frequencies and ripple, given by the stand-
ard Chebyshev response, the optimum circuit elements (considering the parasitics set
to certain values) can be obtained. This procedure allows us to obtain filter responses
at the circuit level, with the presence of parasitics, which are very close to the required
Chebyshev response. The resulting circuits are slightly unbalanced in order to pre-
serve the equal-ripple magnitude response. One important point for filter design, espe-
cially for wide band filters, is the inclusion of the inductance Lsh in the circuit model of
the OCSRR stages (see Fig. 3.55). This typically gives higher rejection at the upper
stop band, as compared to the Chebyshev response, and the agreement with the EM
simulation and measurement is expected to be more accurate.

The synthesis technique was applied to the design of various filters with different
order and bandwidth [28, 68, 76–78], including order-7 filters and fractional band-
widths in the vicinity of 100%. As an example, Figure 4.39 depicts an order-3 Cheby-
shev bandpass filter with central frequency fo = 2 GHz, 0.15 dB ripple and 70%
fractional bandwidth, and its frequency response as well. In the narrow band
response,25 where the lossless EM simulation and the circuit simulation with andwith-
out the inclusion of Lsh are considered, it can be appreciated the excellent agreement
between the circuit and EM simulation when Lsh is included. The wideband response
indicates that the measured filter response is in good agreement with the circuit sim-
ulation and with the ideal Chebyshev response. It is also remarkable that filter size is
as small as 0.13λ × 0.15λ, where λ is the guided wavelength at the filter central fre-
quency. In summary, the combination of OSRRs and OCSRRs is useful for the design
of filters requiring wide transmission bands and small size. The synthesis procedure is
simple, and the circuit models accurately describe the filter responses.

Dual-Band Bandpass Filters Based on the E-CRLH Transmission Line Concept It is
also possible to design dual-band bandpass filters by means of the order-4 E-CRLH
structures of the type depicted in Figure 4.19. This dual-band functionality can be
obtained from the lowpass filter prototype through convenient transformations. In a first
step, a single-band bandpass response results from the well known transformation [58]:

Ω
Ωc

=
1
w

ω

ω0
−
ω0

ω

� �
ð4:49Þ

Ω and ω being the angular frequency of the lowpass and bandpass filter, w and ω0 the
fractional bandwidth and central frequency of the bandpass filter and Ωc the angular
cutoff frequency of the lowpass filter. Then, a second transformation is applied to the
single-band bandpass filter to obtain dual-band behavior [79]:

25 By narrow band response, we mean the insertion and return loss restricted to the bandpass region (that can
be arbitrarily broad).
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FIGURE 4.39 Topology (a), photograph (b), narrow band response (c), and wideband
response (d) of the designed third-order filter with 70% fractional bandwidth. The
considered substrate is the Rogers RO3010 with thickness h = 0.254 mm and measured
dielectric constant εr = 11.2. Dimensions are l = 13.38 mm, W = 5 mm, G = 0.547 mm, a =
0.16 mm, b = 6.27 mm, e = 0.73 mm, and f = 3 mm. For the OCSRR, rext = 1.8 mm, c = 0.3
mm, and d = 0.16 mm. For the OSRR, rext = 1.7 mm, and c = d = 0.16 mm. The values of
the circuit simulation considering parasitics are (in reference to Figure 3.58d): C = 0.188pF,
L = 0.62nH, Cs = 0.85pF, L0s = 6.3nH, C0

p = 2.43pF, and L0p = 2.7nH. The modified values

of the OCSRR considering the wideband model with the additional parasitic element
Lsh are (in reference to Figure 3.55a): L = 0.62 nH, C0

p = 2.54 pF, L0p = 2.56 nH, and

Lsh = 0.15 nH. Reprinted with permission from Ref. [68]; copyright 2011 IEEE.
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ω0 being the angular frequency of the dual-band bandpass filter and ω1, ω2 the
angular central frequencies of the first and second filter bands. Once these transfor-
mations are applied to the lowpass filter prototype, the circuit of Figure 3.25c is
obtained, provided identical fractional bandwidths for the two bands, as well as the
narrow band approximation (i.e., a fractional bandwidth, FBW, for each band less than
10%), are considered [79]. As reported in Ref. [79], the element values of the circuit of
Figure 3.25c are obtained from a set of equations dependent on the lowpass filter pro-
totype coefficients (gi),Ωc and on the relevant design parameters, namely, the angular
central frequencies (ω1, ω2) and the FBW (these equations are not reproduced here for
simplicity).

Using this procedure, a dual-band bandpass filter that covers the GSM (0.9–
1.8 GHz) and the L1 (1575.42 MHz) − L5 (1176.45 MHz) civil GPS frequency bands
is reported [35]. An order-3 Chebyshev response with 0.01 dB ripple, central frequen-
cies of fc1 = 1.02 GHz and fc2 = 1.68 GHz, and 20% fractional bandwidth was
considered. Even though the narrow band approximation is not satisfied, the filter
response is in good agreement with the ideal (single-band) Chebyshev response (only
small deviations in the transition bands are observed). From the aforementioned filter
specifications, the values of the circuit elements (Fig. 3.25c) are Lhs = 19.05 nH, Chs =
0.79 pF, Lhp = 1.16 nH, Chp = 12.69 pF, Lvs = 10.29 nH, Cvs = 1.43 pF, Lvp = 2.58 nH,
and Cvp = 5.71 pF.

Using the design methodology applied to the quad-band inverters, the filter layout
was obtained (this is depicted in Figure 4.40 together with the photograph of the
fabricated prototype). Filter optimization taking parasitics into account was done
by tuning the reactive elements at the circuit level. Specifically, the values that are
changed (in reference of Fig. 4.19b) are Lhs = 18.26 nH, Cvp = 4.4 pF, C1 = 0.33 pF,
C2 = 0.51 pF, and L = 0.45 nH.

The frequency response and group delay of the filter, including measurement,
EM simulation, circuit simulation of the accurate circuit model of Figure 4.19b and the
dual-band Chebyshev response (circuit of Fig. 3.25c), are also depicted in Figure 4.40.
As can be seen, good agreement between the different responses is obtained, with
measured return losses better than 20 dB and a rejection level better than 20 dB up
to 4.6 GHz (3.5fo), fo given by expression 4.50c. Moreover, the size of the filter is
19.5 mm × 13.5 mm, which corresponds to 0.22λg × 0.15λg, λg being the guided
wavelength at fo.

4.2.3.7 Elliptic Lowpass Filters Based on OCSRRs The elliptic lowpass filters
considered in this subsection are actually structures based on transmission lines with
metamaterial loading (OCSRRs). Namely, they are neither based on the CRLH trans-
mission line concept nor on the hybrid approach or on other structures that can be used
as building blocks of metamaterial transmission lines. Nevertheless, the proposed
OCSRR-based elliptic lowpass filters are introduced here for thematic coherence and
because the procedure for filter design is not very different to that considered for the
design of bandpass filters based on the combination of OSRRs and OCSRRs.

The reported OCSRR-based elliptic-function lowpass filters are described by the
network of Figure 4.41 and implemented in coplanar waveguide (CPW) technology.
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The series connected parallel resonators are implemented by means of OCSRRs,
whereas the shunt capacitances are implemented by etching metallic patches in the
back side of the substrate connected to the ground planes through vias. The device
(presented in Ref. [80]) is an order-5 elliptic-function lowpass filter with a pass band
ripple of LAr = 0.1 dB, a cutoff frequency of fc = 1 GHz and an equal-ripple stop band
starting frequency of 1.4085 GHz (with stop band ripple of LAs = 39.59 dB) [33].
The element values corresponding to this elliptic filter response are (referred to the
circuit of Fig. 4.41): C1 = 3.20 pF, C2 = 0.58 pF, L2 = 9.44 nH, C3 = 5.02 pF, C4 =
1.73 pF, L4 = 6.87 nH, C5 = 2.41 pF. Filter implementation was realized by means
of two series connected OCSRRs (etched in the central strip) cascaded between elec-
trically short (to avoid the parasitic effects of the series inductance) transmission line
sections with a metallic patch etched in the back substrate side and connected to the
ground planes by means of vias. These patches are necessary to obtain the high
required values of the shunt capacitors.

The dimensions of the metallic patches are inferred from the EM simulation of
the S-parameters of the short CPW transmission line section with the metallic patch
below it. From these results, the shunt (capacitive) reactance of the π-circuit of such
transmission line section can be obtained through standard formulas linking the
S-parameters and Z-parameters (see Appendix C). Then, the capacitance is extracted
and compared to the nominal value. The procedure is repeated (by modifying the
patch dimensions) until good agreement results. In practice, the length, lP, of the patch
was modified, while its width was set to a fixed value (wP = 15.84 mm) [80].

FIGURE 4.40 (Continued ) e = 0.49 mm, g = 7.71 mm, i = 2.19 mm, and l = 19.4 mm. The
OCSRR dimensions are rext = 1.95 mm, c = 0.16 mm, and d = 0.6 mm, where rext, c, and d
are the external radius, width, and separation of the rings. All the meanders have a width of
0.16 mm. The interdigital capacitors have a width and separation between fingers of 0.16
mm. The radius of the vias is of 0.15 mm. The considered substrate is the Rogers RO3010
with thickness h = 0.254 mm and measured dielectric constant εr = 10.5. Reprinted with
permission from Ref. [35]; copyright 2010 IEEE.

L4L2

C1

C2

C3 C5

C4

FIGURE 4.41 Low-pass elliptic-function prototype filter. The circuit corresponds to a
fifth-order prototype.
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The dimensions of the OCSRRs are determined by forcing their resonance frequen-
cies to the required values and by forcing the susceptance slopes to be identical to
those of the lumped element resonators (of the elliptic-function model) at resonance.
Depending on the values of the resonator inductance and capacitance, it is necessary to
substantially modify the topology of the OCSRR in order to obtain the desired values
of the elements. Thus, the formulas that link the geometry of the OCSRR and the ele-
ment values are only used as reference. Optimization is required to provide a good
description of the resonators in the vicinity of resonance. Figure 4.42 depicts resona-
tor’s susceptance for the two parallel resonators of the filter of Figure 4.41 in the vicin-
ity of resonance. The susceptances that have been inferred from EM simulation of the
optimized OCSRR topologies (shown in the inset) are also depicted in this figure. As
required, there is good agreement between the two pair of curves in the vicinity of
resonance.

The layout and photograph of the fabricated lowpass filter are depicted in
Figure 4.43. The device was fabricated on the Rogers RO3010 substrate with meas-
ured dielectric constant εr = 11.5 and thickness h = 0.635 mm. Besides the patch capa-
citances, there is an additional strip on the back side of the substrate that connects
(through metallic vias), the external metallic regions of OCSRR (2) (the one which
exhibits the upper resonance frequency). With this strategy, a parasitic slot mode that
is otherwise generated in this resonator is suppressed, as revealed from the simulated
magnetic currents (not shown). This parasitic mode obscures the first resonance fre-
quency of the OCSRR (2). Thus, by etching such additional metallic strip, the stop
band filter response is improved, and the two transmission zeros can be clearly iden-
tified. The simulated and measured frequency responses of the device are also shown
in Figure 4.43. The circuit simulation of the model of Figure 4.41 with the above
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FIGURE 4.42 Susceptance of the two series connected parallel resonators of the designed
elliptic-function lowpass filter. The susceptance inferred by means of EM simulation was
obtained from the optimized layout topologies included in the figure. The Rogers RO3010
substrate with measured dielectric constant εr = 11.5 and thickness h = 0.635 mm was
considered. Reprinted with permission from Ref. [80]; copyright 2009 IEEE.
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indicated element values (corresponding to the ideal elliptic-function response) is also
depicted the figure. The agreement between experimental data and the elliptic func-
tion response is good up to approximately 2 GHz. At higher frequencies, the mismatch
is due to the fact that the lumped element models of the different filter elements
(OCSRRs and shunt capacitors) fail. Measured insertion losses in the pass band differ
in less than 0.3 dB to the ideal response, and return losses are better than 14 dB.
The frequency response exhibits a sharp cutoff, with a stop band rejection better than
25 dB up to roughly 4.5 GHz. It is also remarkable that filter length is small, that is,
2.5 cm, which corresponds to 0.13λ, where λ is the guided wavelength at the cutoff
frequency. This combination of size (relative to the filter cutoff frequency) and per-
formance (especially for which concerns the width of the stop band) is not easily
found in other elliptic lowpass filters (see for instance [81–88]). Moreover, the elec-
trical size of this lowpass filter is much smaller than the size of other lowpass filters
based on split rings, such as CSRRs [89, 90]. The dimensions and performance of
these latter filters and the filter of Figure 4.43 are compared in Table 4.3.

In summary, OCSRRs provide a good solution for the implementation of compact
elliptic function lowpass filters in CPW technology. OCSRR-based lowpass filters in
microstrip technology are reported in Ref. [91]. Although these filters are very selec-
tive and spurious free up to high frequencies, they are merely designed by cascading
identical unit cells and therefore they do not give standard filter responses.

4.2.4 Leaky Wave Antennas (LWA)

Leaky wave radiation in periodic structures was succinctly considered in Chapter 2.26

Leaky wave antennas (LWAs) can be defined as guiding structures with the wave
radiating, or leaking, along the structure. The topic of LWAs has been in steady devel-
opment for many years, and there are several excellent sources that are recommended
to the interested reader on the topic [92–96]. Nevertheless, the field has been activated
in recent years, especially for planar LWAs, due to the advent of metamaterials and
metamaterial transmission lines [97–99]. In this subsection, the objective is to point
out the potential of CRLH transmission lines for the implementation of planar LWAs,

TABLE 4.3 Comparison of split-ring elliptic lowpass filters

Reference
Pass-band
IL (dB)

Pass-band
RL (dB)

Stop-band rejection
(up to 2fc) (dB) Electrical size

[89] <1 N.A. >35 0.52λ × 0.27λ
[90] <0.7 >9 >32 1.2λ × 0.26λ
Figure 4.43 <0.4 >14 >35 0.13λ × 0.086λ

26 In this subsection, there are general antenna concepts not covered in any appendix to avoid an excessively
long book. The author recommends general textbooks on antennas to those readers not familiarized with the
topic. Nevertheless, there are several references on the specific topic of LWAs in this subsection.
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and to highlight some advantages and properties of such CRLH-based antennas over
other LWAs.

Traditionally, one-dimensional LWAs have been divided in two categories: uni-
form and periodic. In uniform LWAs, the guiding structure is uniform along the direc-
tion of propagation, and the structure supports fast waves with respect to free space, so
that the complex wavenumber of the leaky mode (kn = β − jα) has a phase constant
satisfying 0 < β < k, k being the free space wavenumber. Typically, uniform LWAs
only radiate in the forward direction since β > 0, and broadside radiation is not pos-
sible in conventional uniform LWAs. Moreover, uniform LWAs, such as microstrip
antennas [100–102], typically require complex feeding structures in order to excite the
required leaky mode and prevent the excitation of the dominant (slow-wave) micro-
strip mode.

Periodic LWAs are based on guiding structures with slow waves as compared to
free space (i.e., β > k), where leaky wave radiation is achieved by introducing peri-
odicity along the propagation direction. As studied in Chapter 2, due to periodicity
the fields in these periodic structures are characterized by space harmonics with
wavenumbers given by (2.6), and the structure may radiate if the leaky wave
condition (jβnj < k) is satisfied for any of the space harmonics (see Fig. 2.2).27 In
periodic LWAs, the fundamental mode does not radiate. Periodic LWAs can either
radiate in the forward or backward direction since the phase constant of the n = −1
space harmonic can either be positive or negative. This is a fundamental difference
of periodic LWAs, as compared to uniform antennas. However, in general, the pres-
ence of gaps at periodic frequencies prevents broadside radiation as a leaky wave
structure [103, 104]. In practice, continuous frequency scanning from backward
to forward direction is not possible due to the lack of radiation over the frequency
gaps.28 Periodic bidirectional LWAs (fed in the center to create a bidirectional leaky
wave) can, however, radiate at broadside as an LWA by operating slightly away
from the broadside frequency, so that β−1 > 0 or β−1 < 0. In this case, a bidirectional
beam is created in which the beam from each half of the structure is slightly deviated
from broadside. However, the combination of the two beams results in a symmet-
rical broadside beam.

Contrarily to resonant antennas, where dimensions scale with the operating fre-
quency, the length of the leaky wave structure in LWAs (uniform or periodic) is
related to the antenna directivity. Indeed, one important feature of LWAs is that they
can achieve a high directivity with a simple structure, without the need for a compli-
cated and costly feeding network as typically used in phased arrays. Directivity
increases with the length of the LWA provided the leakage factor α is small enough
so that the guided power is not completely leaked along the structure (i.e., it is partially
absorbed by a matched load). Under these conditions, the radiation aperture is given

27 In the analysis carried out in Section 2.2 to obtain the leaky wave condition, the attenuation constant αwas
neglected. Hence kn = βn, and for that reason the leaky wave condition was expressed as jknj < k.
28 The stop band that occurs when the beam is scanned at broadside is known in the literature as open stop-
band region. In it, the radiated power drops substantially. However, there are strategies to effectively close
this region and achieve leaky wave radiation at broadside in periodic structures [103, 104].
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by the length of the LWA, and hence a high directivity is obtained for long LWA
structures.

As an alternative to periodic and uniform leaky wave structures, LWAs can be
implemented by means of balanced CRLH transmission lines [97]. Indeed, balanced
CRLH lines are periodic structures by nature. However, in such lines, the periodicity
is much smaller than the wavelength and does not play an active role in the radiation.
Balanced CRLH-based LWAs radiate from the fundamental (n = 0) space harmonic,
and essentially they behave as uniform leaky wave structures in the sense that they are
homogeneous one-dimensional media.29 Therefore, CRLH-based LWAs may be con-
sidered to belong to the category of uniform LWAs despite the fact that they are struc-
turally periodic. To distinguish them from conventional uniform LWAs, CRLH
LWAs can be referred to as quasi-uniform LWAs [96].

According to the typical dispersion of a CRLH transmission line (reproduced in
Fig. 4.44), it is clear that there are regions where the dispersion curve lies in the fast
wave region. Therefore, open CRLH transmission lines can be used as LWAs.
Although the balance condition is not strictly necessary, by balancing the line it is
possible to achieve continuous frequency scanning from backward to forward
directions, including broadside radiation at the transition frequency, ωo. Thus,
balanced CRLH LWAs radiate from the fundamental mode and exhibit backfire-
to-endfire capability. This is an important feature of CRLH LWAs, which is not
achievable with their conventional uniform or periodic counterparts (although, as
mentioned before, there are strategies to mitigate the effects of the open stop bands

π–π

ω

βl

A

B

C

II-leaky-LH III-leaky-RH

I-guided-LH IV-guided-RH

+c/l–c/l

FIGURE 4.44 Typical dispersion diagram of a balanced CRLH transmission line and
indication of the four main regions (enumerated I, II, III, and IV) and the relevant points
separating such regions. A, B, and C points correspond to backfire, broadside, and endfire
leaky wave radiation, respectively.

29 Although it was stated in Chapter 3 that, in general, periodicity and homogeneity are not necessary for the
implementation of metamaterial transmission line-based circuits, CRLH-based LWAs are implemented by
homogeneous periodic structures.

284 METAMATERIAL TRANSMISSION LINES



in periodic LWAs). The fact that CRLH LWAs operate at the fundamental mode is
important since the feeding structures do not need to be complex (a simple transmis-
sion line suffices).

The first implementation of a CRLH LWA exploiting the backward-to-forward
radiation capability was presented in Ref. [97], and consisted of a 24-unit cell
microstrip line periodic-loaded with series interdigital capacitors and shunt-connected
grounded stubs. The structure is the one depicted in Figure 3.27 (substrate parameters
and dimensions are given in Ref. [97]). The phase and attenuation constants of this
structure, as well as the radiation patterns at different frequencies, are depicted in
Figure 4.45. For this design, the LH and RH guided-wave regions, designated as
I and IV, respectively, in the figure, extend to frequencies below 3.1 GHz and
above 6.3 GHz. Region II is the backward radiated region (with jβj < ko and β < 0),
extending from 3.1 up to 3.9 GHz, and region III is the forward radiated region
(with jβj < ko and β > 0), extending from 3.9 up to 6.3 GHz. The radiation
patterns at the considered frequencies are consistent with the dispersion characteristics
of the LWA, and confirm the frequency scanning capability of the designed antenna.
At this point, it is important to mention that backward leaky wave radiation in
metamaterial transmission lines was demonstrated almost simultaneously in Ref.
[98] (see Chapter 3), by considering a CPW transmission line loaded with series
capacitive gaps and shunt connected (inductive) strips. However, in such antenna,
backward-to-forward frequency scanning capability was not demonstrated. The same
authors reported a forward CPW LWA consisting of a similar structure, but only
loaded with series capacitive gaps [99]. It was argued in Refs. [98, 99] that the radiat-
ing elements in the reported CPW-based LWAs are the capacitive gaps, which cause a
backward [98] or forward [99] transverse magnetic wave front. Conversely, the pairs
of inductive strips support opposite (antiparallel) currents, causing cancelation in the
far field (E-plane) due to line symmetry and even excitation of the fundamental
CPW mode.

CPW transmission lines loaded with pairs of SRRs and shunt-connected inductive
strips do also exhibit fast wave regions for the fundamental (n = 0) mode. However,
such structures are inefficient to produce leaky wave radiation from the fundamental
mode due to far field cancelation caused by opposite currents. That is, due to line sym-
metry and even mode excitation (CPWmode), the symmetry plane of the structure is a
magnetic wall, and the magnetic currents in the slots are antiparallel.30 In order to
achieve efficient leaky wave radiation in SRR-based CPW transmission lines, a strong
asymmetry can be forced by removing the set of SRRs present at one side of the
symmetry plane of the line. This allows reducing far field cancelation from the

30 The far-field cancellation effect due to antiparallel magnetic currents can be explained by considering a
magnetic current (that of a single slot) parallel and close to a perfect magnetic conductor (PMC), located at
the symmetry plane of the CPW transmission line. The PMC generates an antiparallel image current, caus-
ing far field cancellation. The effect is similar to the antiparallel electric (image) current generated by a per-
fect electric conductor (PEC), preventing the radiation from an electric dipole, if it is parallel oriented and
closely located to the PEC.
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FIGURE 4.45 (a) Dispersion characteristics of the structure of Figure 3.27; (b) radiation
patterns (E-plane) for the indicated frequencies. Reprinted with permission from Ref. [97];
copyright 2002 IET.
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magnetic current balance between both slots, providing the excitation of the slot line
mode, which results in an important contribution to increase leaky wave radia-
tion [105].

Alternatively to the previous strategy, efficient leaky wave radiation can be
achieved by loading a slot line with SRRs and shunt inductive strips [106]. With such
a structure, it is possible to scan the radiation angle with frequency by balancing the
line. The design of the structure starts by conceiving a balanced SRR/strip-loaded
CPW with sufficiently distant slots (wide central strip) to minimize the field coupling
between the slots. Under these conditions, the CPW can be viewed as a pair of two
independent slot lines sharing the same substrate, with antiparallel slot magnetic cur-
rents. Therefore, it is expected that a symmetric CPWwith a wide central strip exhibits
similar propagation characteristics than the slot line resulting by removing one half of
the CPW structure. With this in mind, a balanced SRR/strip-loaded CPW with the
transition frequency at fo = 2.5 GHz was designed in Ref. [106]. The phase constant
inferred from EM simulation of the structure (unit cell), depicted in Figure 4.46, is
roughly the same as the phase constant corresponding to the slot line that results
by removing one half of the CPW transmission line (the fabricated structure is
depicted in Fig. 4.47a). Unlike the phase constant, the analysis of a single-unit cell
is inaccurate for the determination of the attenuation constant α of leaky periodic
structures. This is due to mutual coupling and edge effects. However, as the number
of the considered unit cells increases, edge effects become less significant and the
obtained attenuation constant is more accurate [107]. Therefore, in order to determine
the required number of unit cells, N, the attenuation constant was computed by simu-
lating an N-element two-port structure, using the Agilent Momentum commercial soft-
ware. Figure 4.47b shows the normalized attenuation constant α/k0 at the transition
frequency. It can be observed that more than 15 elements are required to achieve
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convergence to a value of α/k0 = 0.076. This value was used to obtain the length of the
LWA from the expression for the power flow along a lossy periodic structure with
periodicity d

Pn =Poe
−2αnd ð4:51Þ

where P0 is the power delivered to the LWA, Pn is the power at the nth terminal of the
periodic structure and d is the unit cell length. For 95% of the power dissipated before
reaching the antenna termination and using the converged value of α/k0 = 0.076, the
required number of unit cells is N = 17.

According to simulation, the characteristic impedance of the loaded line at the tran-
sition frequency is Zo = 150Ω. This impedance was matched to the 50Ω connector
using a semilumped microstrip matching network, connected to the slot line by means
of a via hole. The measured and simulated gains are depicted in Figure 4.47c, with a
maximum measured gain of 7.1 dB and 11.3 dB for the LH and RH bands, respec-
tively. There is a relatively good agreement between measured and simulated data.
The angle of the maximum beam θm as a function of frequency is also plotted in
Figure 4.47c, showing good agreement between measurement and simulation. The
measured backward to forward scanning range is from −50� to +60� while maintain-
ing an acceptable gain level. The simulated and measured normalized radiation pat-
terns are shown in Figure 4.47d and e. As it can be appreciated, backward, broadside
and forward leaky wave radiation is obtained as frequency increases from the LH to
the RH frequency bands. The simulated and measured orthogonal pattern at 2.5 GHz
is depicted in Figure 4.47f. It can be observed that while the radiated beam is directive
in the xz-plane (see Fig. 4.47d and e), it is fat in the perpendicular direction (yz-plane),
thus resulting in a fan beam.

In microstrip technology, LWAs loaded with CSRRs have been recently demon-
strated [108]. There are many other CRLH-based LWAs reported in the recent liter-
ature. It is not possible to cover all of them in a general textbook like the present one.
However, let us mention to finish this subsection that besides microstrip, CPW and
slot-line technology, CRLH LWAs have been also demonstrated using CPSs [109]
and SIW technology [110, 111] (these antennas will be analyzed in the last chapter,
where a section is devoted to SIW technology). Electrically scanned (tunable) LWAs,
with fixed frequency but variable radiation angle [112, 113], and dual-band LWAs
based on E-CRLH lines have also been reported [111, 114]. Finally, active CRLH
LWAs consisting of CRLH line sections interconnected through amplifiers have been

FIGURE 4.47 (Continued ) number of unit cells at 2.5 GHz, (c) simulated and measured
antenna gain and scanning angle, (d) simulated normalized radiation patterns at the
longitudinal plane, (e) measured normalized radiation patterns at the longitudinal plane, and
(f ) simulated and measured orthogonal plane radiation pattern of the proposed LWA at
2.5 GHz. The antenna was fabricated on the Arlon Cuclad 250XL substrate with dielectric
constant εr = 2.43, loss tangent tanδ = 0.002, and thickness h = 0.49 mm. Reprinted with
permission from Ref. [106]; copyright 2013 IEEE.
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presented in Ref. [115]. Since the amplifiers regenerate the power progressively
leaked out of the structure in the radiation process, the effective aperture of the antenna
is increased, and hence the directivity and gain are enhanced.

4.2.5 Active Circuits

The CRLH transmission lines or some of the considered CRLH-based passive circuits
studied in the previous subsections can be combined with active elements such as
diodes and transistors, or with amplifiers, for the implementation of RF/microwave
circuits with enhanced performance or functionality. Thus, for instance, dual-band bal-
anced mixers implemented by means of dual-band CRLH-based hybrid couplers
[116], dual-band class-E power amplifiers with CRLH-based impedancematching net-
works [117], and active LWAs [115], among others, have been reported. In this sub-
section, the aim is to demonstrate the potential of CRLH transmission lines for the
implementation of active microwave circuits, on the basis of two types of circuits: dis-
tributed amplifiers with enhanced functionalities and dual-band recursive active filters.

4.2.5.1 Distributed Amplifiers Distributed amplification was proposed as a means
of improving the gain-bandwidth product [118]. Essentially, distributed amplifiers con-
sist of a pair of actively coupled transmission lines, the gate line, and the drain line.
Active coupling is achieved through the distributed transconductance of a set of tran-
sistors (normally field-effect transistors or FETs) with their gates and drains connected
to the gate and drain lines, respectively. By injecting the input signal to any of the ports
of the gate line (the other one being matched), the signal in the drain line is amplified by
virtue of the distributed transconductance [119]. This results in a certain gain between
the input and the so-called forward and reverse output ports.31 Since the fifties of the
past century, there have been many notable contributions to the field of distributed
amplifiers. Among them, those amplifiers that first used FETs [120, 121], the first mon-
olithic implementations based on AsGa-FETs (achieving bandwidths beyond 10 GHz)
[122–124], and the dual-fed concept to improve device gain Ref. [125], are worth men-
tioning. More recently, several works have been focused on improving the amplifier
bandwidth and efficiency [126, 127], and notable achievements have been reported
in the field of distributed mixers [128, 129], formerly reported in Ref. [130, 131].

In all the previous reported distributed amplifiers and mixers, forward (RH) gate
and drain transmission lines are used. The first structure that made use of LH trans-
mission lines was presented by Eccleston in 2005 [132]. However, the aim in that work
was to reduce device dimensions, rather than using the unusual dispersion character-
istics of LH lines. The combination of distributed amplification with the nonlinear dis-
persive behavior of CRLH transmission lines was first pointed out in Ref. [133]. This
work opened the path toward the design of distributed amplifiers with a radically new

31 The forward and reverse output ports are those ports of the drain line located in the opposite and in the
same extreme, respectively, than the input (gate line) port.
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intrinsic behavior. Thanks to the controllability of the dispersion in the gate and drain
lines, it is possible, for instance, to achieve maximum gain at arbitrary frequencies in
the forward and reverse ports, and thus achieve a dual-band/diplexing action, avoiding
the use of additional costly components. In other words, the introduction of CRLH
lines in distributed amplifiers, rather than improving the performance of the conven-
tional counterparts, has generated novel and interesting functionalities for these
devices. Distributed amplifiers based on metamaterial transmission lines constitute
a genuine example of devices designed through dispersion and impedance engineer-
ing. Such devices have been designated as metadistributed amplifiers to highlight the
fact that they are based on metamaterial structures (CRLH transmission lines). CRLH
transmission lines can also be introduced in distributed mixers (meta-distributed mix-
ers) [134], but the analysis of these devices is out of the scope of this book.

To understand the high potential of CRLH transmission lines to the implementa-
tion of distributed amplifiers with advanced functionalities, it is necessary to briefly
review the principles behind distributed amplification and to derive some useful
expressions that link the amplifier gain to the main device parameters, including
the phase constants of the drain and gate lines. Such expressions will then be analyzed
to point out several amplifier functionalities, related to the dependence of the gain in
the forward and reverse output ports with frequency. Finally, an illustrative implemen-
tation and its characterization will be reported.

Principle of Distributed Amplification Let us introduce the principle of distributed
amplification by considering a lossless, unilateral, and continuous model for the ele-
mental cell of the distributed amplifier. It consists of two lossless transmission lines
with active unilateral coupling through a distributed transconductance, as depicted in
Figure 4.48a [120, 135]. In this basic cell, βg(ω) and βd(ω) are the phase constants of
the gate and drain lines, respectively, and Zg and Zd the corresponding characteristic
impedances. The per-unit-length transconductance, gm, provides a current in the drain
line that depends on the voltage on the gate line, Vgs(z). By considering the input port
of the distributed amplifier to be one of the ports of the gate line, the ratio of the output
power in the forward port (see Fig. 4.48b), Pfwd

o , to the input power, Pi, is called for-
ward gain, whereas the reverse gain is the ratio of the power collected in the reverse
port, Prev

o , to the input power, that is,

Gfwd =
Pfwd
o

Pi
ð4:52aÞ

Grev =
Prev
o

Pi
ð4:52bÞ

Let us consider that all the ports of the amplifier are matched, so that no reflected
waves are generated in the structure. Under these conditions, the output current in the
forward port is given by the contribution of all the source currents along the structure,
namely
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Ifwdo = −

ðl
o
Vgs zð Þgme− jβd ωð Þ l−zð Þdz = −

ðl
o
Vie

− jβg ωð Þzgme− jβd ωð Þ l−zð Þdz ð4:53Þ

where Vi is the input voltage. The integral in (4.53) gives32

Ifwdo = −Vigml�sinc βg ωð Þ−βd ωð Þ� � l
2

� �
�e− j βg ωð Þ+ βd ωð Þð Þ l

2 ð4:54Þ

From (4.54) the power gain is found to be

Gfwd =
Ifwdo

�� ��2
4 Vij j2 ZgZd =

g2ml
2ZgZd
4

sinc2 βg ωð Þ−βd ωð Þ� � l
2

� �
ð4:55Þ
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Gate line
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Pi

Vi Zg

Po
fwdPo

rev

Io
rev

Io
fwd

FIGURE 4.48 Basic cell (a) and scheme (b) of the continuous unilateral distributed amplifier.
Reprinted from Ref. [135], with permission from the author.

32 The sinc function is defined as sinc(x) = sin(x)/x.
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The power gain in the reverse port is derived by simply changing the signs in the
exponential function of (4.53), that is,

Irevo = −

ðl
o
Vgs zð Þgme− jβd ωð Þ z− lð Þdz ð4:56Þ

This gives

Grev =
Irevo

�� ��2
4 Vij j2 ZgZd =

g2ml
2ZgZd
4

sinc2 βg ωð Þ+ βd ωð Þ� � l
2

� �
ð4:57Þ

According to this continuous model, the frequency behavior of the distributed
amplifier is exclusively determined by the phase constants of the gate and drain lines.
The maximum power gain for the forward and reverse ports is given by

GMAX =
g2ml

2ZgZd
4

ð4:58Þ

and it depends on the values of gm, l, Zg, and Zd. Notice that, according to expressions
(4.55) and (4.57), the maximum power gain for the forward port is obtained for those
frequencies satisfying βg(ω) = βd(ω), whereas for the reverse port the maximum
power (i.e., maximum gain) is collected when βg(ω) = −βd(ω). In distributed ampli-
fiers implemented by means of forward transmission lines (conventional distributed
amplifiers), the latter condition (βg(ω) = −βd(ω)) can only be satisfied at DC, where
βg(ω) = βd(ω) = 0. Hence, the maximum power gain for the reverse port occurs at
DC, and the power at the reverse port exhibits a lowpass behavior. If the gate and drain
lines are identical (i.e., they have the same phase constant), the gain in the forward port
takes the value given by (4.58) at all frequencies. Thus, distributed amplifiers ideally
exhibit an infinite gain-bandwidth product (forward port). In practice, this of course
does not occur since discretization due to the presence of transistors at periodic posi-
tions in the lines limits amplifier bandwidth. Bandwidth is also limited by potentially
slight differences in the phase constants of the gate and drain lines. The ideal power
gains (forward and reverse ports) of a continuous distributed amplifier that result by
considering conventional gate and drain lines with identical (and linear) phase con-
stant (βg(ω) = βd(ω)) are depicted in Figure 4.49a.

Dispersion Engineering in the Drain and Gate Lines To the light of the dependence
of the forward and reverse power gains with the phase constants of the gate and drain
lines, it is simple to deduce that by engineering such phase constants it is possible to
obtain functionalities beyond those achievable with conventional distributed ampli-
fiers. To start, let us consider that the gate and drain lines are replaced with PLH trans-
mission lines. If the lines are identical and exhibit a dependence of the phase constant
with frequency of the type given by expression (3.41), the forward gain is independent
of frequency (since βg(ω) = βd(ω)) and given by (4.58). However, since the phase
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constant is null in the high-frequency limit, it follows that the reverse gain takes the
maximum value in that limit, and hence it exhibits a high-pass behavior (this situation
is illustrated in Fig. 4.49b). In practice, discretization limits the bandwidth of the for-
ward gain since the phase constant is purely imaginary at low frequencies (expression
3.41 is valid in the long wavelength limit, that is, at high frequencies for a PLH line).
On the other hand, a PLH line cannot be implemented in practice, as it was discussed
in Chapter 3, with the result of a forward gain also decaying at sufficiently high
frequencies.

Another interesting situation results by considering gate and drain lines with
CRLH behavior. In the long wavelength limit (continuous limit), the phase constant
of the CRLH transmission line is given by expression (3.59). By balancing the line
(ωs =ωp =ωo) the phase constant is simplified to

βl=
ω

ωR
1−

ω2
o

ω2

� �
ð4:59Þ

where ωR was defined in Section (3.4.2) and ωo is the so-called transition frequency.
In this case, the reverse gain exhibits an intrinsic bandpass behavior with maximum
gain at ωo. This situation is illustrated in Figure 4.49c. Many other interesting situa-
tions arise by considering different gate and drain lines (i.e., with different CRLH-type
phase constants). We will not cover all of them in the present book (the author recom-
mends [135] for an in-depth analysis). However, let us point out the situation that
results by considering the phase constants for the gate and drain lines indicated in
Figure 4.49d (the corresponding normalized forward and reverse gains are also
depicted in the figure). In view of this figure, both the forward and reverse power gains
exhibit an intrinsic bandpass behavior. The important aspect is that by tailoring the
dispersion of the gate and drain lines, it is possible to independently control the fre-
quency where the forward and reverse gains are maximized. Therefore, such distrib-
uted amplifier exhibits a dual-band/diplexing amplifying functionality that can be of
interest in numerous applications. As pointed out in Ref. [135], such diplexing capa-
bility can also be achieved through a conventional gate line and a CRLH drain line
with properly engineered phase constants.

The frequency dependence of the forward and reverse gains depicted in Figure 4.49
has been inferred by introducing the considered phase constants (βg(ω) and βd(ω)) in
expressions (4.55) and (4.57). This provides the intrinsic (ideal) behavior of the con-
tinuous distributed or metadistributed amplifiers. The analysis of the discrete model

FIGURE 4.49 Phase constants of the drain and gate lines and the corresponding forward and
reverse power gains for an ideal continuous unilateral distributed amplifier. (a) Forward gate
and drain lines with identical phase constants, (b) backward gate and drain lines with
identical phase constants, (c) CRLH gate and drain lines with identical phase constants, and
(d) CRLH gate and drain lines with different phase constants. Reprinted from Ref. [135],
with permission from the author.
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can be found in Ref. [119, 135], and it will not be reproduced here. Nevertheless, the
expressions of the forward and reverse gains for a distributed (or metadistributed)
amplifier consisting of two transmission lines actively coupled through N FETs with
transconductance gm are

Gfwd =
gmNð Þ2Zg ωð ÞZd ωð Þ

4

sin2 N

2
βg ωð Þ−βd ωð Þ� �h i

N2 sin2 1
2
βg ωð Þ−βd ωð Þ� �h i ð4:60Þ

Grev =
gmNð Þ2Zg ωð ÞZd ωð Þ

4

sin2 N

2
βg ωð Þ + βd ωð Þ� �h i

N2 sin2 1
2
βg ωð Þ+ βd ωð Þ� �h i ð4:61Þ

Due to the similarities between (4.60), (4.61) and (4.55), (4.57), the main features
relative to the continuous (ideal) distributed or metadistributed amplifiers pointed out
before can be extended to the discrete structure, with exception of bandwidth, as has
been discussed before (notice that the explicit dependence of the characteristic impe-
dances of the gate and drain lines with frequency has been included in (4.60) and
(4.61)). Indeed, the continuous model can be used to analyze the discrete distributed
amplifier provided the frequency regions of interest are far away from the cutoff fre-
quencies and close to the frequencies where the forward and reverse gains are max-
imized [135].

An Illustrative Example: Dual-Band/Diplexer Meta-Distributed Amplifier A dual-
band/diplexer metadistributed amplifier, based on two actively coupled CRLH trans-
mission lines, is reported as an illustrative example [136]. The amplifier was designed
to exhibit maximum forward and reverse gains at 440MHz and 640MHz, respec-
tively, with a bandwidth of approximately 100MHz in both cases, and characteristic
impedances for the drain and gate lines of 50Ω. The CRLH lines were implemented by
means of lumped elements. The element values can be inferred from the required
phase constants of the CRLH lines, which in turn are determined by expressions
(4.60) and (4.61). However, as pointed out in Ref. [136], it is necessary to take into
account the input and output FET capacitances, which are parallel connected to the
shunt capacitance of the CRLH lines (the considered active devices are Infineon
CFY-30 FET transistors). On the other hand, the shunt inductor of the CRLH lines
is a short-circuit at DC, and therefore it prevents the active device from being properly
biased. This problem was circumvented in Ref. [136] by series connecting a capacitor
with this inductor. This capacitor allows for device biasing, but it must exhibit a very
low impedance at all the significant frequencies, being effectively a short circuit for
those frequencies. To achieve this, 100 pF capacitors were used in the design.
Figure 4.50a depicts the scheme of the amplifier, where the dual-band/diplexing func-
tionality is represented, and the fabricated device is shown in Figure 4.50b. The meas-
ured forward and reverse gains, depicted in Figure 4.50c and obtained for the bias
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FIGURE 4.50 Scheme showing the dual-band/diplexer functionality of the designed distributed
amplifier (a), photograph (b), and measured forward and reverse power gains (c). Reprinted with
permission from Ref. [136]; copyright 2007 EuMA.
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point defined byVDS = 3.5 V andVGS = −0.7 V, reveal that the required functionality is
achieved. Noise measurements (not depicted here) reveal that the forward and reverse
noise figures are similar to those achieved in conventional distributed amplifiers [136].

Other representative works of the recent progress in metadistributed amplifiers and
mixers are given in Refs. [137–142]. The list includes distributed amplifiers integrated
with CRLH LWAs [138, 141], and the first monolithic metadistributed amplifier
implemented in GaN technology operative at C-band [142].

4.2.5.2 Dual-Band Recursive Active Filters Recursive active filters are a subclass
of active filters based on distributed components and a feedback scheme, where the
frequency selective response is generated by combining two signals: the main path
signal component and a component properly weighted and delayed that constitutes
the feedback [143]. The design of the filter is based on providing a certain phase
response (phase delay) to the feedback section at the center frequency of the pass
band. Such phase delay can be achieved by means of a transmission line section. Since
the phase delay is a periodic function, it follows that recursive active filters implemen-
ted with conventional lines actually exhibit a periodic response. However, since the
higher-order bands are centered at the harmonics of the fundamental frequency (i.e.,
not controllable), such filters are single-band devices. However, it is possible to
extend the functionality of recursive active filters by replacing the conventional lines
in the feedback section with CRLH transmission lines, in order to achieve a frequency
response with two transmission bands (dual-band filter) [144]. In order to produce a
dual-band response, the phase condition should be fulfilled at two different control-
lable frequencies (an inherent property of CRLH lines, as it was discussed in
Section 4.2.2). Thus, the purpose of this subsection is to demonstrate that CRLH lines
can be applied to the implementation of dual-band recursive active filters.

The typical schematic of a recursive active filter is depicted in Figure 4.51. The
filter uses power dividers and combiners that can be implemented by means of branch
line couplers with a matched load in one of the ports, as depicted in Figure 4.51. The
weighting factor is achieved by means of the amplifier, whereas the phase delay in the
feedback signal is obtained thanks to the transmission line in the feedback branch.

S21

Amplifier

Transmission line

In Out

1

2

3

4

1

2

3

ϕL

ϕA
4

−90o −90o

−90o −90o

180o 180o180o 180o

50Ω 50Ω

Combiner Divider

FIGURE 4.51 Bloch diagram of a first-order recursive active filter that makes use of branch
line hybrid couplers for the power divider and combiner stages.
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According to this scheme, the central frequencies of the filter pass bands are given by
those angular frequencies, ωo, satisfying the following phase condition (loop phase):

ϕA ωoð Þ +ϕD ωoð Þ+ϕL ωoð Þ+ϕC ωoð Þ= n�2π ð4:62Þ

where ϕA, ϕD, ϕL, and ϕC are the phase responses of the amplifier, power divider,
transmission line section and power combiner, respectively, n being an integer num-
ber. Notice that, according to (4.62), the feedback signal and the input power signal
are combined constructively (i.e., with null relative phase shift) at any of the filter-
operating frequencies. Assuming that the dividers and combiners produce a −3 dB
insertion loss and perfect matching between blocks, the filter transmission coefficient
at ωo is given by [144]

S21,F ωoð Þ= 1
2

S21,Aj j
1−0:5� S21,Aj jj j ð4:63Þ

where S21,A is the amplifier gain. Depending on the amplifier gain the whole structure
may be unstable. This aspect is discussed in Refs. [144, 145] where it is concluded that
first-order recursive filter topologies with −3 dB couplers are unconditionally unstable
when using amplifier gain values over 6 dB, and potentially unstable or uncondition-
ally stable below that value.

Although important, the stability issue is out of the scope of this subsection,
focused on the potential of CRLH lines as delay lines for achieving dual-band func-
tionality in the recursive active filters. If we assume that the phase delays given by the
power combiner and divider take fixed values at the operating frequencies, expression
(4.62) can be reduced to an expression only dependent on the phases of the transmis-
sion line section and the amplifier. The phase delay of a branch-line coupler is π; thus,
the phase condition in (4.62) can be rewritten as follows:33

ϕA ωið Þ +ϕL ωið Þ = n�2π ð4:64Þ

where the index i = 1, 2 is used to designate the two desired operating frequencies of
the dual-band recursive active filter. Expression (4.64) represents actually a pair of
equations that have a solution provided the phase response of the considered transmis-
sion line has a nonlinear dispersion. Thus, it is obvious that by using CRLH lines in the
feedback branch it is possible to achieve the dual-band functionality. As an illustrative
example, Figure 4.52a depicts the dual-band recursive active filter reported in Ref.
[144]. The filter response is also depicted in the figure, where the dual-band behavior
can be appreciated. In Figure 4.52d the phase responses of the amplifier and transmis-
sion line stages are depicted; it can be seen that (4.64), with n = 0, is fulfilled at
the design frequencies (0.8 GHz and 1.7 GHz). Higher-order dual-band and tunable
recursive active filters are reported in Refs. [146, 147].

33 It is assumed that the branch line coupler is also a dual-band device.
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4.2.6 Sensors

Metamaterial transmission lines are also of interest for the implementation of micro-
wave sensors with advanced properties. In microwave sensors, the sensing principle is
based on the effects caused by the measured variable (temperature, humidity, pres-
sure, position, dielectric loading, etc.) on the characteristics (phase, magnitude, reso-
nance frequency, delay, etc.) of a feeding microwave signal.34 For instance, a
transmission line loaded with an SRR exhibits a notch in the transmission coefficient
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FIGURE 4.52 Dual-band recursive active filter implemented by means of a CRLH line and
dual-band couplers: (a) photograph of the prototype, (b) insertion loss, (c) return loss, and (d)
simulated phase response of the gain stage and feedback line. Reprinted with permission from
Ref. [144]; copyright 2009 IEEE.

34 In microwave sensors, the feeding signal can be provided by the source thorough direct (wire) connection
or wirelessly. In the latter case, the devices are designated as wireless microwave sensors.
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at the fundamental SRR resonance frequency (and at higher-order resonances). Thus,
any variable able to modify the resonance frequency of the SRR can be easily sensed.
Indeed, SRR-loaded lines can be used for sensing purposes, but these microwave sen-
sors are considered to belong to the category of lines with metamaterial loading, and
will be studied later in this chapter.

CRLH lines can be engineered in order to implement sensors with small size
and high sensitivity (the author recommends the paper [148] and references therein
to those readers willing to penetrate more deeply in the topic of CRLH transmission
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line-based sensors—from now on CRLH-sensors to simplify the terminology). Typ-
ically, CRLH-sensors use capacitive elements as transducers. Hence, in combination
with functional layers (e.g., for the monitoring of chemical or biological substances),
with specific mechanical setups such as movable capacitor plates, or with tunable
materials, such CRLH-sensors can be useful to measure very different variables.
CRLH-sensors can be subdivided into two groups: spatially integrating sensors and
spatially resolved sensors [148]. The first group refers to sensors where the output
signal is determined by a change of the overall (average) transmission line properties
caused by changes within the line capacitors as transducer elements. Spatially
resolved CRLH sensors have the same structure, but each transducer element is read
out individually, which leads to an output vector instead of a single measured value.

As an example of a spatially integrating CRLH-sensor, we report here a mass flow
sensor first presented in Ref. [149], able to detect velocities in a conveyor belt system.
The sensor consists of a 10-cell CRLH resonator coupled to the input ports by means
of SMD capacitors. Actually, the CRLH line is composed of series (patch) capaci-
tances and shunt inductances, as depicted in Figure 4.53. However, parasitics are una-
voidable and therefore the line is actually a CRLH line. The sensor is fed by a
microwave signal tuned to the desired resonance of the sensor, and, simultaneously,
such signal is fed into a phase comparator. The time-dependent dielectric load of the
sensor modulates the phase of the resonator output signal. This phase is compared
with the reference phase originated directly from the source. The difference provides
a measure of the dielectric loading of the resonator [149]. For velocity measurement of
single particles passing on the measurement section, the time-dependent phase shift
describes a sinusoidal wave. From the time difference between two adjacent phase
minima, the velocity can be inferred.

Another interesting sensing device reported by the same authors is the CRLH
transmission line-based differential sensor [150]. This sensor, depicted in
Figure 4.54, utilizes two identical CRLH lines and two power dividers/combiners.
The microwave signal is divided into two equal parts (by means of a Wilkinson
power divider) and fed into the two CRLH lines. The feeding lines of the upper
artificial line are one half wavelength longer than the ones of the lower line, so that
the signals at the end of both lines exhibit a phase difference of 180�. One of these
CRLH lines acts as the reference, whereas the other one is detuned by dielectric loading.
The altered signal is subtracted (due to the presence of the combiner) from the unaltered
reference to form the output signal. The resulting signal to noise ratio for this config-
uration has been found to be roughly 60 dB, allowing a high measurement dynamic
range [150] (see Fig. 4.54b). In this sensor, the variable to be evaluated is simply
the magnitude of S21 at the output port, rather than the phase. However, such magnitude
is intimately related to the phase variation in the active line, caused by the presence of a
dielectric load. Thus, the sensor principle is based on a power measurement, rather than
on a phase measurement. Another advantage of this setup is that the sensitivity can be
linearly increased with the number of used cells. These devices can be applied in med-
ical diagnosis or as biosensors for the detection of specific substances.

Examples of spatially resolved sensors are reported in Ref. [148] and references
therein. Among them, wireless temperature sensors with identification [151] and level
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sensors [152] constitute good examples of the potential of CRLH transmission lines
for sensing purposes.

4.3 TRANSMISSION LINES WITH METAMATERIAL LOADING
AND APPLICATIONS

By loading a transmission line with electrically small resonators, such as those for-
merly used for the implementation of metamaterials (SRRs, CSRRs) or other related
resonators (see Section 3.3), multiband planar antennas, sensors, radiofrequency bar
codes, and other RF/microwave devices can be implemented.35 Let us review some of
these applications in the next subsections.
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FIGURE 4.53 Bloch diagram of the mass flow sensor setup (a) and photograph of the sensor
under the conveyor belt (b). Reprinted with permission from Ref. [147]; copyright 2012 IEEE.

35 Indeed, planar notch and stopband filters consisting of transmission lines loaded with SRRs, CSRRs, and
so on, could have been included in this section (notice that the design of these filters is not based on
dispersion/impedance engineering). However, the author has opted for the inclusion of SRR-based notch
and stopband filters in a single subsection devoted to filters (Section 4.2.3) for coherence. Nevertheless,
tunable filters and other advanced filters will be studied in the next chapters.
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4.3.1 Multiband Planar Antennas

There are several approaches for the implementation of multiband antennas in planar
technology. Here we report two strategies: one based on the concept of trap antennas
and the other based on a perturbation method, of special interest in ultra-high-
frequency radiofrequency identification (UHF-RFID) for the implementation of tags
able to operate in two of the regulated UHF-RFID bands.

4.3.1.1 Multiband Printed Dipole and Monopole Antennas In this subsection,
the focus is on printed dipole and monopole antennas with metamaterial loading
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FIGURE 4.54 Photograph of the proposed CRLH transmission line-based differential sensor
(a) and comparison between the transmission coefficients for the empty case (unloaded sensing
line) and for a small dielectric disturbance applied to the sensing line (b). Reprinted with
permission from Ref. [150]; copyright 2009 IEEE.

304 METAMATERIAL TRANSMISSION LINES



[153–157]. The idea of this technique is based on loading a conventional printed
antenna with a set of resonant particles. In Ref. [154], it is shown that a dual-band
antenna is achieved by coupling a set of SRRs to a printed dipole. Using this approach,
the benefits of printed antennas are kept while dual-band antennas are achieved by
using a simple design technique. The SRRs produce open circuits in their positions
at the resonance frequencies. Hence the antenna resonance is achieved not only when
the effective length of the dipole arms is λ/4 (λ being the guided wavelength), but also
when the different locations of the SRR are λ/4 from the antenna feeding point (the
SRRs must be tuned at these frequencies). By using SRRs, narrow bandwidths are
reported in Ref. [154] for the bands associated with the SRR loading. An open circuit
in the dipole arms can also be obtained by means of series connected OCSRRs. By
using these particles, broadband responses can be achieved (as compared to SRRs),
due to the relative values of capacitance and inductance in OCSRRs.

To illustrate the potential of OCSRR-loaded printed antennas, a dual-band dipole
[156] and a tri-band monopole [157] are reported. The layout of the printed dipole (an
antipodal structure) and the details of the OCSRR are depicted in Figure 4.55 (the
photograph of the antenna, compared to the conventional mono-band dipole, is also
shown in Fig. 4.55). The parameters of each dipole strip are the length L and the width
W (which must be engineered to optimize matching). This antipodal configuration
was chosen in Ref. [156] because it avoids the use of a balun to feed the antenna.
The dimensions of the feeding line are the length Lf and the width Wf. An OCSRR
is connected in series to each dipole strip at a distance dOCSRR from the center of
the antenna. The different dimensions of the proposed antenna were optimized to
simultaneously operate at the L1-GPS frequency (1.575 GHz) and the WiFi band
of 2.4–2.48 GHz, namely, L = 22.00 mm, W = 2.5 mm, Lf = 25 mm, Wf = 1.15 mm,
dOCSRR = 17 mm, lext = 4 mm, and c = d = 0.3 mm. The used substrate is the Rogers
RO3010 with εr = 10.2 and h = 1.27 mm.

In the case of the conventional unloaded antenna, there is only one series resonance
at 2.1 GHz. This resonance corresponds to the fundamental mode of the dipole
antenna. In the vicinity of resonance, the value of the real part of the antenna imped-
ance is close to 50Ω (not shown), which produces proper matching, as it can be appre-
ciated in Figure 4.56. OCSRR loading introduces a parallel resonance in the proposed
dual-band antenna input impedance. The addition of this parallel resonance has a dou-
ble effect on the input impedance of the proposed dual-band antenna. The first one is a
slight shift of the series resonance of the dipole antenna toward higher frequencies. In
this case, this resonance is found at 2.45 GHz. The second effect is the appearance of
an additional series resonance below the parallel resonance of the OCSRRs. This addi-
tional series resonance is found at 1.6 GHz. The real part of the input impedance is
around 50Ω in the vicinity of this additional series resonance. This allows achieving
an additional band with proper matching in the proposed antenna (Fig. 4.56). As it can
be seen, this additional frequency is below the fundamental frequency of the unloaded
dipole antenna.

Considering |S11| below −10 dB, the first working band is centered at 1.56 GHz
with 5% bandwidth and the second one is centered at 2.46 GHz with 9% bandwidth.
These bandwidths represent a considerable improvement with respect to the
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implementations based on SRRs [154, 155]. The measured gain of the antenna (esti-
mated in a TEM cell from the power received by the antenna and the incident field
measured by a probe) is 0.85 dB at the GPS band (1.575 GHz) and 2 dB at the WiFi
band (2.45 GHz). The radiation patterns inferred with CST Microwave Studio for the
proposed dual-band antenna are shown in Figure 4.57. A dipolar-like radiation
pattern is obtained at both working bands. The typical figure of eight is obtained
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FIGURE 4.55 Antipodal dipole antenna loaded with OCSRRs. (a) Top and cross-sectional
views; (b) detail of the OCSRR and relevant dimensions; and (c) comparative photographs of
the unloaded (top) and loaded (bottom) printed dipole antenna. Reprinted with permission from
Ref. [156]; copyright 2012 John Wiley.
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in the xz-plane and an omnidirectional pattern is obtained in the yz-plane at both fre-
quencies (1.575 and 2.45 GHz). The only difference between both working bands is
the cross-polarization level, which is around −10 dB in the first band while it is −20 dB
in the second one.

OCSRR loading can also be applied to printed monopole antennas [157].
Figure 4.58 shows a photograph of two fabricated prototypes: a dual-band and a
tri-band printed monopole antenna. The considered substrate in this case was the
low-cost FR4 (εr = 4.5 and h = 1.5 mm). The dual-band antenna covers the bands
of 2.40–2.48 GHz (Bluetooth and WiFi) and 5.15–5.80 GHz (WiFi). The dimensions
of the monopole are Lm = 21 mm and Wm = 5.85 mm. The parameters of the feeding
line were set to obtain a 50Ω CPW. Hence, S = 2.44 mm and W = 0.30 mm. The
dimensions of each ground plane are Lg = 16 mm and Wg = 13.48 mm. The gap
between the ground planes and the monopole is g = 0.30 mm. The OCSRRwas placed
at a distance do = 12.50 mm and its parameters are lext = 2.30 mm, c = d = 0.25 mm.
The gap go was set to 0.50 mm.

The tri-band monopole antenna is an extension of the previous dual-band antenna,
and it covers the previous bands and the IEEE 802.11y band of 3.65–3.70 GHz.
According to the layout of the tri-band monopole (Fig. 4.58), the additional OCSRR
was placed at a distance do2 = 18 mm. Its dimensions are lext = 2.70 mm and c = d =
0.25 mm. This corresponds to a resonance frequency of 3.65 GHz. The gap go2 was set
to 0.40 mm. These values were optimized to only cover the desired bandwidth and not
interfere with other systems. The other parameters of the antenna remain unchanged
with respect to the dual-band design, except the length of the monopole which is
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FIGURE 4.56 Measured and simulated reflection coefficient of dual-band printed dipole
antenna compared to the unloaded antenna. Reprinted with permission from Ref. [156];
copyright 2012 John Wiley.
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reduced to Lm = 19.75 mm to compensate the inductive behavior of the OCSRRs
below their resonance frequencies.

The simulated and measured reflection coefficients of the dual-band and tri-band
monopoles are depicted in Figure 4.59. The dual-band printed monopole antenna
exhibits good matching (|S11| < −10 dB) from 2.29 GHz to 2.52 GHz at the lower fre-
quency band. This corresponds to a 9.6% bandwidth. In the upper band, the antenna is
well matched from 4.66 GHz to at least 7 GHz. Thus, the fabricated antenna satisfies
the specifications of Bluetooth andWiFi (bands of 2.40–2.48 GHz and 5.15–5.80 GHz).
The fabricated tri-band monopole antenna is well matched from 2.30 GHz to 2.52 GHz
for the first band. Its reflection coefficient is below −10 dB between 3.56 GHz and
3.78 GHz for the second band, and between 5.06 GHz and 6.71 GHz for the third
band. Hence, the fabricated prototype is well matched within the regulated bandwidths
of Bluetooth and WiFi including IEEE 802.11y (3.65–3.70 GHz band).
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FIGURE 4.58 Sketch of the dual-band (a), and tri-band (b) printed monopole antenna loaded
with OCSRRs, and respective photographs (c). Reprinted with permission from Ref. [157];
copyright 2011 IEEE.
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The proposed antennas present monopolar radiation characteristics at all the bands.
As an example, the normalized measured radiation patterns of the tri-band monopole
antenna are shown in Figure 4.60. A monopolar radiation pattern is obtained at
the three frequencies. The crosspolar component (XPOL) has low values (below
−20 dB in all cases, except the xy-plane of the third frequency where is below
−15 dB). The gains of this design are 1.4 dB, 1.2 dB, and 1.7 dB at the first, second,
and third bands, respectively. These results are in good agreement with simulations, in
which the radiation efficiency is 92%, 83%, and 94% and the overall efficiency is
91%, 82%, and 93% at the central frequency of each band.

4.3.1.2 Dual-Band UHF-RFID Tags Metamaterial loading is also interesting for
the implementation of dual-band antennas with close frequency bands. This is the
case of UHF-RFID, where the different regulated bands worldwide are contained
in the spectral region comprised between 860MHz and 960MHz. Our aim in this
subsection is to demonstrate that by loading tag antennas with electrically small reso-
nators, it is possible to implement UHF-RFID tags operative at two of the regulated
UHF-RFID bands. The dual-band functionality is achieved by applying a perturbation
method similar to that reported in Ref. [158] for dual-band matching networks, prop-
erly adapted.

The key aspect in the implementation of long read-range UHF-RFID chip-based
tags is to achieve conjugate matching between the antenna and the integrated circuit
(or chip). The input impedance of the chip is provided by the manufacturer and varies
with frequency. Therefore, the implementation of dual-band UHF-RFID tags means
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FIGURE 4.60 Measured radiation patterns of the tri-band printed monopole antenna.
(a) 2.45 GHz, (b) 3.65 GHz, and (c) 5.40 GHz. Reprinted with permission from Ref. [157];
copyright 2011 IEEE.
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to design the antenna (and the matching network, if it is present) so that the chip
“sees” its conjugate impedance at the required frequencies. This can be done by
cascading a dual-band impedance matching network between the antenna and the
chip, consisting of a transmission line loaded with a metamaterial resonator [158].
The resonator produces a perturbation in both the characteristic impedance and the
phase constant of the transmission line, and conjugate matching at two frequencies
can be obtained (the details are given in Ref. [158]). However, it is possible to directly
actuate on the impedance of the antenna, by loading it with metamaterial resonant par-
ticles [159] (avoiding thus the matching circuitry). The principle is very similar to that
reported in Ref. [158] for matching networks.

Following the earlier cited perturbation approach, several dual-band UHF-RFID
tag antennas have been implemented. One prototype device consists of a meander
line antenna (MLA) loaded with a spiral resonator (SR) [159]. The layout of the
antenna, compared to the one without the SR is depicted in Figure 4.61. The
dual-band antenna was designed to be operative at the European (867MHz) and
USA (915MHz) UHF-RFID regulated bands. The antenna was designed on the
Rogers RO3010 with dielectric constant εr = 10.2 and thickness h = 0.127 mm.
The considered RFID chip was the SL31001 from NXP Semiconductors.
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lrsh
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FIGURE 4.61 Layout of the unloaded (a) and SR-loaded (b) MLA, and relevant dimensions.
The photographs of the fabricated prototypes are depicted in (c) and (d). The strip width of
the SR is 0.5 mm, and the separation between strips is 0.3 mm. Reprinted with permission
from Ref. [159]; copyright 2011 IEEE.
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The impedance of the chip at the intermediate frequency (between 867MHz and
915MHz) is Zchip = 20 − j485Ω. This impedance was considered as reference
impedance, so that the antenna was designed to roughly exhibit the conjugate imped-
ance of the chip at the intermediate frequency (891MHz), and then the perturbation
(by means of the SR) was introduced in order to achieve conjugate matching at the
required frequencies. The dimensions of the MLA are 48 mm × 48 mm, and the
strip width is 1.4 mm. The other relevant dimensions (in reference to Fig. 4.61)
are lm = 16.3 mm, wm = 4.8 mm, dl = 7.3 mm, dr = 33.9 mm, df = 14.2 mm, lr =
16.1 mm, wr = 6.8 mm, sh = 8.3 mm, and sv = 5.4 mm. The input impedance and match-
ing of the dual-band SR-loaded MLA are depicted in Figure 4.62, where it can be
appreciated that the dual-band functionality is achieved.

Both antennas were fabricated, and the read range, given by

r =
λ

4π

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
EIRPGrτ

Pchip

s
ð4:65Þ

was measured through the experimental setup sketched in Figure 4.63. In (4.65), λ is
the wavelength, EIRP (equivalent isotropic radiated power), determined by local
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where reactance matching is obtained, separated by Δf1, are indicated and correspond to the
resonance frequencies of the dual-band MLA. Reprinted with permission from Ref. [159];
copyright 2011 IEEE.
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country regulations, is the product of PtGt which are the transmission power and the
transmission gain, respectively, Pchip is the minimum threshold power necessary to
activate the RFID chip, Gr is the gain of the receiving tag antenna, and τ is the power
transmission coefficient. The value of EIRP in Europe is 3.3W, whereas in the United
States it is 4W. The power transmission coefficient was inferred from the simulation
of the return loss of the antenna, using as port impedance that of the chip. The tag gain
was also obtained from simulation. Using (4.65), the theoretical read range was
calculated.

The experimental setup for read-range measurement consists of a N5182A vector
signal generator which creates RFID frames. Such generator was connected to a TEM
cell by means of a circulator. The tag under test was located inside the TEM cell, and it
was excited by the frame created by the generator, generating a backscatter signal to a
N9020A signal analyzer through the circulator. The RFID frame frequency was swept
with a specific power. Once the operation frequencies were identified, the output
power was decreased until the tag stopped working. Finally, a probe was placed into
the TEM cell in order to determine the incident electric field intensity E0 at each fre-
quency, which is related to the received power by the chip according to

Pchip = SAefτ =
E0j j2
2η

λ2Gr

4π
τ ð4:66Þ

where S is the incident power density, Aef is the effective area of the tag antenna, and η
is the free-space wave impedance (120π Ω). The measured read range can be inferred
by introducing (4.66) in (4.65), resulting

r =

ffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffiffi
60 EIRP

p

E0
ð4:67Þ

As indicated before, the EIRP in Europe is lower than the EIRP in the United
States, so the read range in Europe is expected to be reduced for the same incident
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FIGURE 4.63 Bloch diagram of the experimental setup for UHF-RFID tag characterization.
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electric field intensity. The simulated and measured read ranges of both tags are
depicted in Figure 4.64. The read range obtained in the dual-band tag (at the frequen-
cies of interest) is superior to that of the mono-band tag. The read range of the single-
band MLA tag is roughly 4 m at the frequencies of interest, whereas almost 6 m and
8 m at the European and USA frequency bands, respectively, are achieved by means
of the designed dual-band MLA.

The perturbation method based on loading the antenna with SRs can also be
applied to other planar antennas, such as folded dipole antennas [160], for the imple-
mentation of dual-band UHF-RFID tags. It was also shown in Ref. [160] that detuning
caused by the object or material to which the tag is attached can be corrected by tai-
loring the distance between the antenna and the SR (see Ref. [160] for more details).

4.3.2 Transmission Lines Loaded with Symmetric Resonators
and Applications

Along this chapter, several microwave devices based on transmission lines loaded
with symmetric resonators (SRRs, CSRRs, etc.) have been studied. However, the
symmetry properties of transmission lines loaded with symmetric resonators have
not been analyzed so far. Such symmetry properties are very interesting and can be
exploited for the implementation of microwave sensors and RF bar codes. In both
cases, the working principle is the truncation of symmetry. In the next subsection, this
working principle is analyzed in detail, whereas the applications are left for the fol-
lowing subsections.
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FIGURE 4.64 Simulated and measured read ranges of the mono-band and dual-band MLA
RFID tags. Reprinted with permission from Ref. [159]; copyright 2011 IEEE.
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4.3.2.1 Symmetry Properties: Working Principle for Sensors and RF Bar
Codes Let us consider a transmission line, such as a CPW, loaded with a single
SRR, rather than with a pair of SRRs. In absence of loading elements, the symmetry
plane of the line is a magnetic wall for the fundamental CPW mode. Let us now
consider that the symmetry plane of the SRR, etched in the back substrate side of
the CPW, is aligned with the symmetry plane of the line. Under these conditions,
there is not a net axial magnetic field able to inductively drive the particle, and
the SRR is not excited, that is, the line is transparent (see Fig. 4.65). However, if
symmetry is truncated, for instance by laterally displacing or rotating the SRR,
or by any other means causing asymmetry (i.e., dielectric loading), the resonator
is excited, causing a notch in the transmission coefficient. The magnitude of this
notch increases with the level of asymmetry. Therefore, the notch magnitude can
provide a measure of the variable responsible for symmetry truncation (displace-
ment, rotation angle, etc.) [161, 162]. Indeed, with perfectly aligned CPW and
SRR symmetry planes, the resonator is not excited because such symmetry planes
are of distinct EM nature (the symmetry plane of the SRR is an electric wall at the
fundamental resonance). However, a slight misalignment between these symmetry
planes suffices to drive the particle, causing a notch in the transmission coefficient.
According to these words, any planar resonator exhibiting an electric wall at reso-
nance can potentially be useful as sensing element loading a transmission line
excited with an even mode (necessary to generate a magnetic wall in the symmetry
plane of the line).

Symmetric resonators exhibiting a magnetic wall at resonance, such as the CSRR,
can also be used for sensing purposes. However, in this case the host line must be
chosen to exhibit an electric wall, rather than a magnetic wall, at its symmetry plane.
Under these conditions, the symmetry planes of the line and resonator are also of

(a) (b)

FIGURE 4.65 CPW loaded with an aligned (a) and misaligned (b) SRR. Due to symmetry,
there is not a net axial magnetic field in (a) able to excite the SRR, contrary to the situation
depicted in (b).
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different EM nature, and the loaded line is transparent if such planes are perfectly
aligned. For instance, a differential microstrip line loaded with a CSRR (etched in
the ground plane) in a symmetric configuration is transparent for the differential
mode.36 However, the CSRR causes a strong notch for the common mode because
for this mode the symmetry planes (line and CSRR) are both a magnetic wall (com-
mon-mode filters based on CSRRs will be discussed in the Section devoted to differ-
ential lines in the last chapter [163]). Obviously, the CSRR acts as a notch filter for the
differential mode as well if symmetry is truncated.

Symmetric resonators can also be used for the implementation of RF bar codes,
also known as spectral signatures codes [164].37 In RF bar codes, a transmission line
is loaded with multiple resonators, each tuned at a different frequency. Each resonance
frequency corresponds to a different bit, and the logic ‘1’ and ‘0’ states are given by
the presence or absence, respectively, of a transmission zero in the spectrum for that
frequency. For the implementation of RF bar codes, symmetric resonators are not a
due. Indeed, in Ref. [165] SRs are used as loading elements of a microstrip line based
35-bit bar code. Encoding can be achieved by etching (close to the microstrip line)
only those SRs with resonance frequency corresponding to the required logic ‘1’
states. The coupling between the line and the spiral inhibits transmission at the res-
onance frequency, with the result of as many notches as spirals. An alternative for
line encoding is to etch the whole set of spirals close to the line and short-circuit those
spirals with resonance frequency corresponding to the required “0” states. By short-
circuiting the spiral, the corresponding resonance frequency is moved away, provid-
ing the same effect as removing the spiral.

By using symmetric resonators as loading elements in RF bar codes, writing the
‘1’ state is as simple as truncating symmetry, for instance by rotating or laterally
displacing the resonant element [164]. This opens the possibility to implement
mechanically reconfigurable bar codes, or bar codes where encoding can be
achieved by any other means of truncating symmetry. Moreover, since the level
of asymmetry determines the notch magnitude, it is potentially possible to increase
the stored information by simply providing more than two logic states to each
resonant element.

4.3.2.2 Rotation, Displacement, and Alignment Sensors Most microwave
sensors that make use of resonators as sensing elements are based on the variation
of the resonance frequency, phase, or quality factor caused by the physical magnitude
under measurement. Split rings, including SRRs, CSRRs or other related resonators,
have been widely used as sensors [161, 162, 166–176]. Among them, there are several

36 This configuration is roughly the dual of the CPW loaded with an SRR, and hence a similar behavior is
expected.
37 RF bar codes are chipless RFID tags, where the information can be stored in a set of resonant elements
causing a specific spectral response. Typically, such resonant elements are coupled to a host transmission
line, which is equipped with cross-polarized receiver and transmitter antennas for wireless identification. As
compared to other chipless RFID tags based on time domain reflectometry (TDR) [164], RF bar codes need
a relatively large bandwidth for high data capacity, since each resonant element is tuned at a different fre-
quency and contributes with a single bit to the whole code.
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implementations where a host line is loaded with such metamaterial resonators.
For instance, sensors able to spatially resolve the dielectric properties of a material
were achieved in Ref. [172] by loading a line with an array of SRRs tuned at different
frequencies. In such sensors, a frequency shift of one individual resonant peak
indicates the dielectric properties of the material under test and its location within
the array. Two-dimensional displacement sensors consisting of a bended microstrip
line loaded with a pair of triangular and orthogonally oriented CSRRs (etched on
the ground plane of an independent and movable substrate) were also proposed
[173]. The working principle is based on detuning the CSRR by a change in the
line-to-CSRR coupling capacitance. The triangular shape of the CSRR was consid-
ered in order to enhance the sensitivity of the sensor. Moreover, two orthogonally
polarized receiving and transmitting antennas were cascaded to the input and output
ports of the host line in order to provide a wireless connection to the reader. The
scheme of the wireless link and the photograph of the designed displacement sensor
are depicted in Figure 4.66a and b, respectively. Figure 4.66c shows the variation of
the frequency response that is obtained by laterally displacing one of the rings with
regard to the line axis.

Alternatively to the frequency shift caused by the variable under measurement, sym-
metry truncation can be used for sensing and detection purposes in transmission lines
loaded with symmetric resonant particles. One advantage of this strategy is a major
robustness in front of changing ambient conditions. Such environmental variations
may cause frequency detuning, but have little effect on the notchmagnitude.Moreover,
notice that sensors based on symmetry properties can be used as detectors, able to
“detect” the lack of symmetry. For instance, SRR-loaded CPWs can be used as align-
ment sensors, where the lack of alignment between two surfaces is detected by the pres-
ence of a notch in the transmission spectrum. Under perfect alignment, such notch is
not present, regardless of the environmental conditions. The first sensors based on the
symmetry properties of SRR loaded lines were reported in Ref. [161]. Both one-
dimensional displacement and rotation sensors based on rectangular-shaped SRRs
and CPWs were reported. The rectangular shape of the SRRs was chosen in order
to optimize the sensitivity. Namely, if circularly shaped SRR with an internal diameter
much larger than the distance between the CPW slots is considered, the magnetic field
lines within the SRR region do not exactly cancel if symmetry is broken, but the effects
of asymmetry are not significant. Conversely, if the SRR does not extend beyond the
slots of the CPW, the effects of the asymmetry on the frequency response of the struc-
ture (notch magnitude) are more pronounced. Indeed, it was found that the magnitude
of the notch increases by etching the SRR just below the central strip of the CPW [161].
Another important parameter regarding sensitivity is the vertical distance between the
CPW metallic layer and the resonator. Sensitivity increases by reducing such distance
because the coupling between the line and the resonator also increases. Thus, by using
rectangular SRRs, it was found in Ref. [161] that high sensitive sensors with good lin-
earity and dynamic range can be implemented for both linear displacement and
rotation.

In Ref. [174], a proof of concept of a two-dimensional displacement sensor was
proposed by combining the symmetry properties of the one-dimensional displacement
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sensor of Ref. [161], and the bending scheme proposed in Ref. [173].38 Like in Ref.
[173], a right-angle bended CPW loaded with a pair of rectangular-shaped SRRs tuned
at different frequencies and orthogonally oriented was proposed in Ref. [174]. The
structure with the SRRs aligned with the line axis is depicted in Figure 4.67.
This structure is able to detect lack of alignment and linear displacement in two
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FIGURE 4.66 Two-dimensional wireless displacement sensor based on detuning of
triangular shaped CSRRs. (a) Scheme showing the polarization decoupling of interrogation
and response signals, (b) photograph, and (c) frequency response for various displacements.
For better visualization in (b), the movable sensitive plate was rotated 180�. Reprinted with
permission from Ref. [173]; copyright 2011 EuMA.

38 In this proof of concept, rather than etching the SRRs in a movable substrate, these resonators were etched
in the back substrate side, and different samples with different displacements were considered for
characterization.
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FIGURE 4.67 Layout (a) and top (b) and bottom (c) photographs of the two-dimensional
displacement sensing device for the aligned position (i.e., the CPW and the displacement
sensing SRRs are aligned). The CPW strip and slot widths are W = 1.67mm and G = 0.2 mm,
respectively; the vias have a 0.2 mm radius; and the narrow strips between vias have a width
of 0.2 mm. The dimensions of the SRRs are l1(SRRΔx) = 9.95mm, l1(SRR±x) = 7.05 mm,
l1(SRRΔy) = 13.4 mm, l1(SRR±y) = 7.8 mm, l2 = 1.67 mm, and c = 0.2 mm. The vias and
backside strip metals are used to connect the CPW ground plane regions, and thus prevent
the appearance of the parasitic slot mode. The considered substrate is the Rogers RO3010
with dielectric constant εr = 10.2, thickness h = 127 μm, and loss tangent tanδ = 0.0023.
Reprinted with permission from Ref. [174]; copyright 2012 MDPI.
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dimensions. In order to distinguish the displacement direction, two additional reso-
nators (also tuned at different frequencies) are used. One of these resonators is
etched in the x-oriented CPW section and the other one in the y-oriented section,
and both are situated beneath one of the CPW ground planes, near a CPW slot. If
the displacement direction drives such additional resonators toward the slot of
the CPW, this will be detected by a notch at the resonance frequency of these reso-
nators. Conversely, by shifting the SRRs in the opposite direction such notch will
not appear. Since it is necessary that the four required SRRs are tuned at different
frequencies, the resonator dimensions must be different. Notice that these two addi-
tional resonators are introduced to simply detect the displacement direction (they do
not provide information on the displacement magnitude). Therefore, these SRRs can
be designated as direction sensing resonators, to differentiate them from the dis-
placement sensing resonators, that is, those which measure the linear displacement
magnitude.

For a better comprehension of the principle of operation of the proposed sensor,
let us consider the four different displacements indicated in Figure 4.68, that is,
right, left, up, and down displacements. The resonance frequencies of the four SRRs
are denoted as fΔy, fΔx, f±y, and f±x (see Fig. 4.68). It can be seen that displacement in
the ± x- and ± y-direction can be detected (by means of the resonators SRR±x and
SRR±y) and measured (by the resonators SRRΔx and SRRΔy). Any other linear
displacement is a combination of the previous ones, and hence it can also be detected
and measured. In order to validate the proposed approach, positive and negative
displacement in the x = y direction (diagonal shift) was considered. Figure 4.69
depicts the dependence of the notch magnitude (simulated and measured) with
displacement. As expected, for positive displacements, the SRR±x and SRR±y are
activated as it is manifested by a clear increase in the notch at f±x and f±y, whereas
the specified −3 dB threshold level is not exceeded for negative displacements
(indicating that the shift is in the negative direction). The dependence of the notch
magnitude for fΔx is similar and roughly linear in both directions, with a measured
value of approximately −20 dB for Δx = ±0.3 mm, which is indicative of a signifi-
cant sensitivity of roughly 65 dB/mm (average value). The same occurs for the
dependence of the notch magnitude for fΔy. However, the notch magnitude associ-
ated to a displacement sensing resonator depends not only on the displacement, but
also on resonator dimensions. This causes that, for the same displacement, the notch
magnitude of the y-axis displacement sensing resonator produces a deeper notch
than that of the x-axis.

Rotation sensors with enhanced dynamic range and linearity (as compared to
those reported in Ref. [161]) can be implemented by coupling circular resonators
to a non-uniform (circularly shaped) CPW. Specifically, a circular ELC resonator
was proposed as sensing element in Ref. [175] (see Fig. 4.70). As it was pointed
out in Section 3.3.1.6, the ELC is a bisymmetric resonator with two orthogonal
symmetry planes, one being a magnetic wall and the other one an electric wall at
the fundamental resonance. If the electric wall is perfectly aligned with the sym-
metry plane of the line (a magnetic wall), the line is transparent. However, by
rotating the particle 90�, the two magnetic walls (the one of the line and the
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FIGURE 4.68 Scheme indicating the primitive shifting operations (a–e) and the resulting
transmission coefficient S21. A notch is indicative of an SRR excitation. A linear
displacement in the x- and y-orientation is indicated as Δx and Δy, respectively, relative to
the aligned position (i.e., Δx =Δy = 0). Reprinted with permission from Ref. [174]; copyright
2012 MDPI.
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one of the ELC) become aligned, and a strong notch in the transmission
coefficient is expected. This explains that the dynamic range can be improved
as compared to the rotation sensor based on a rectangular-shaped SRR. Linearity
is improved thanks to optimization of resonator and line shape (the key aspect is
that the external contour of the resonator roughly coincides with the slots of the
nonuniform CPW host line).
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FIGURE 4.69 Notch magnitude of the transmission coefficient S21 at the indicated
frequencies for x = y displacement; results for (a) x- and (b) y-axis position sensing.
Reprinted with permission from Ref. [174]; copyright 2012 MDPI.
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FIGURE 4.70 Photograph of the circular CPW (a) and ELC (b) used for sensing rotation
angles through the setup shown in (c). The notch magnitude as a function of the rotation
angle is depicted in (d). The ELC is attached to a rotating cylinder made of Teflon. The CPW
and the ELC were etched on the Rogers RO3010 substrate with thickness h = 1.27mm,
dielectric constant εr = 11.2, and loss tangent tanδ = 0.0023. Dimensions are: for the CPW,
W and G are tapered such that the characteristic impedance is 50Ω; for the ELC resonator, the
diameter is 16.6 mm. Vias and backside strips are used to eliminate the slot mode.
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The proof of concept of this rotation sensor was demonstrated in Ref. [175] by
considering two different scenarios: (1) different CPW-loaded structures, each with
the ELC etched in the back substrate side and rotated a different angle and (2) a single
CPW with the ELC etched on a movable substrate. An experimental setup, where the
ELC resonator is attached to a cylinder made of Teflon which can rotate through the
action a step motor, was then implemented in order to perform angle and angular
velocity measurements in rotating elements (Fig. 4.70). The notch depth in the trans-
mission coefficient as a function of the rotation angle for the structure of Figure 4.70
is also depicted in the figure. Good linearity, dynamic range, and sensitivity can be
appreciated.

The setup of Figure 4.70 was used for the measurement of angular velocities.
The idea is very simple: the CPW transmission line is fed by a harmonic signal
(carrier) tuned at the notch frequency of the ELC resonator.39 At the output port of
the CPW the amplitude of the carrier signal is modulated by the effect of the rotat-
ing ELC, that is, the amplitude is a maximum each time the electric wall of the
ELC is aligned with the symmetry plane of the line (this occurs twice per cycle).
Therefore, by rectifying the modulated signal through an envelope detector, the
distance between adjacent peaks gives the rotation speed. In order to avoid
unwanted reflections caused by the envelope detector, a circulator is cascaded
between the output port of the CPW transmission line and the input of the envel-
ope detector, as depicted in Figure 4.71a. The typical waveform obtained through
an oscilloscope in the envelope detector, for a rotation speed of 10 cycles per
second, is depicted in Figure 4.71b. The pronounced peaks allow for the meas-
urement of angular velocities with high accuracy. Since the carrier frequency is
very high, it is obvious that very high angular velocities can be measured with
this approach. Further details on the design of this rotation speed sensor are given
in Ref. [177]; an alternative version of the rotation speed sensor in microstrip
technology is reported in Ref. [178].

4.3.2.3 RF Bar Codes As an example of a RF bar code implemented by sym-
metric resonators, a 3-bit structure is reported here. The structure is a CPW
loaded with folded SIRs. Such resonators exhibit an electric wall in its symmetry
plane at the fundamental resonance. By aligning them with the line, the structure
is transparent for the corresponding resonance (logic ‘0’ state). The logic ‘1’ state
is achieved by laterally displacing the folded SIR. Folded SIRs loading a CPW
are interesting since they are electrically small at resonance. The reason is that
line-to-resonator coupling is dominated by the large capacitance between the
SIR and the line. The basic cell (for the symmetric configuration) and the circuit
model are depicted in Figure 4.72 [162]. Coupling between the line and resonator
is represented by the capacitances Csci and Csgi (i = 1, 2). Such capacitances
depend on the relative position between the SIR and the CPW. Thus, any sym-
metry truncation can be modeled by adjusting these capacitances. If the structure

39Actually, the notch frequency slightly depends on the orientation (angle) of the ELC resonator. Therefore,
the carrier frequency is chosen as the average value.

324 METAMATERIAL TRANSMISSION LINES



(a)

Z0

y

z x

vθ

Z0

+

–
Vc@fc

R C

V

Circulator
Envelope 

detector 

(b)

Time (ms)

V
 (

v
)

–100 –50 0
0.0

0.5

1.0

1.5

2.0

50 100

FIGURE 4.71 Schematic of the proposed system for measuring angular velocities in time
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for a rotating speed of 10 cycles per second (b).

Cs

C

Ls

Csg1

Csc1

Csg2

Csc2

L/2 L/2

(a) (b)

FIGURE 4.72 Typical layout of a CPW loaded with a folded SIR (a) and lumped-
element equivalent circuit model (b). The metallization in the back substrate side is
indicated in black.
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is symmetric (i.e., Csc1 = Csc2 and Csg1 = Csg2), the resonator Ls–Cs is opened due
to the presence of the magnetic wall at the symmetry plane, and the resulting
model is the one of a conventional transmission line. By contrast, if the symmetry
is broken, the capacitances are unbalanced and a transmission zero appears. In the
simplest case in which Csc1 = Csg2 = 0 (or Csc2 = Csg1 = 0), the model is equivalent
to that of a transmission line loaded with a grounded series resonator (the capac-
itance Cs can be neglected). The model parameters were extracted for the two
cases indicated in Figure 4.73. In both cases, the circuit simulations are in good
agreement with the EM simulations. For comparison purposes, the response of a
CPW loaded with an SRR of the same dimensions is also included. It can be
appreciated the interest of folded SIRs in this application, not only because
the particles are electrically smaller, but also because the balance between notch
depth and width is good. Narrow notches occupy less bandwidth, but at the
expense of small notch depth due to losses.

A 3-bit RF bar code consisting of a CPW loaded with three different folded SIRs
with the code ‘111’ is depicted in Figure 4.74a [162]. In order to prevent the presence
of the slot mode, the ground planes are connected through backside strips and vias.
In view of the transmission coefficients of this structure and those corresponding to
other bit configurations (Fig. 4.74b), the principle is validated. Although somehow
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FIGURE 4.73 Simulated transmission coefficient of the structure of Figure 4.72a and those
corresponding to the same structure with the resonators laterally displaced. The substrate is the
Rogers RO3010 with dielectric constant εr = 10.2, thickness h = 0.635 mm, and tanδ = 0.0023.
CPW dimensions are LCPW = 9.6 mm, W = 4 mm, and G = 0.7 mm; SIR dimensions are (in
reference to Fig. 3.13): l1 = l2 = 7.6 mm, W1 = 3.8 mm, W2 = 0.2 mm, and S = 0.4 mm. Circuit
parameters are L = 2.4 nH, C = 0.97 pF, Ls = 13.8 nH, Cs = 0pF; for 1 mm, Csc1 = 0.57 pF,
Csc2 = 1.8 pF, Csg1 = 1.6 pF, and Csg2 = 0.4 pF; for 2.35 mm, Csc1 = 0 pF, and Csc2 = 2.2 pF,
Csg1 = 2.2 pF, and Csg2 = 0pF. Reprinted with permission from Ref. [162]; copyright
2012 IEEE.
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degraded, the bar code functionality (not shown) is still preserved if the backside strip
and vias are removed.

RF-bar codes implemented with symmetric resonators in microstrip technology
(thus avoiding the use of vias) have been also reported [179].
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